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Foreword 



Broadband microwave amplifiers are one of the key components that are 
employed in electronic warfare, radar, high-data-rate fiber-optic communication, 
and broadband instrumentation systems. The authors come from different back- 
grounds — industry and academia — with extensive experience in designing broad- 
band amplifiers, as well as other microwave components and systems. They have 
pooled their knowledge and expertise to provide a comprehensive book that serves 
as an introduction to the theory, analysis, and design of this genre of amplifiers via 
several examples that were actually realized and characterized. This includes a 
step-by-step methodology from the characterization and modeling of the active 
devices to the design and manufacture of amplifiers. This book should be an invalu- 
able resource to both new and experienced practitioners involved in the design of 
such amplifiers or the systems that employ them. 

Professor J. D. Rhodes CBE FRS FREng FIEE FIEEE 
Executive Chairman of Filtronic PLC 
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Preface 



Microwave amplifiers designed using discrete field effect transistors (FETs) in 
microwave integrated circuits (MICs) or monolithic microwave integrated circuits 
(MMICs) are extensively used in all subsystem development for microwave wireless 
applications. The requirement from an amplifier design differs for different appli- 
cations. For example, a wireless communications transmitter requires a radio 
frequency (RF) amplifier mainly to boost the power of the modulated RF signal 
before transmission, whereas microwave receivers require high-gain amplifiers to 
enhance the strength of the weak received signal without introducing any additional 
noise component. The configuration of microwave receivers is also highly depend- 
ent on their application. For example, communication receivers may only require 
narrow bandwidth (< 10%) but must be tunable, whereas commercial radar receiv- 
ers have fixed frequency and moderate bandwidth (inversely proportional to pulse 
width). However, electronic warfare (EW) and optical communication systems use 
ultrawide bandwidths. In the case of EW systems, the ultrawide bandwidth is used 
to accommodate an uncertain emitter frequency, whereas in the case of fiber-optic 
communication systems, it enables high-data-rate communication. 

This book is based on recent research work conducted by the authors dealing 
with broadband microwave amplifiers for EW, fiber-optic communication, and 
instrumentation applications. The book is unique in that it presents broad- 
band amplifier designs through a series of design examples that were actually real- 
ized and characterized. A complete design cycle is presented, starting with the device 
characterization and modeling of the active devices, continuing with the modeling 
and optimization of the amplifier circuit, and finally culminating in the fabrication 
and performance measurement. Designs undertaken include the conventional 
broadband amplifier architectures such as the traveling wave distributed amplifier 
(TWDA) and feedback amplifiers, and novel broadband amplifier architectures, 
such as the cascaded single-stage distributed amplifier (CSSDA) and the cascaded 
reactively terminated single-stage distributed amplifier (CRTSSDA). Amplifier 
designs are provided for optimum output power and power-added efficiency per- 
formance. In addition, also included are the design, implementation, and measured 
performance of a novel high-dynamic -range broadband amplifier and a novel 
current-sharing biasing technique applied to a broadband feedback amplifier. The 
current-sharing biasing technique is shown to substantially reduce the current con- 
sumption by the amplifier and hence enhance its efficiency performance. The book 
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concludes with the design of a data modulator driver amplifier that is capable of 
supporting data rates of 2.5 to 20 Gbps and shows that the CSSDA architecture is 
amenable to MMIC technology. 



Organization of This Book 

Chapter 1 provides a historical perspective on the most common types of broadband 
amplifiers and introduces the concept of CSSDA. 

In Chapter 2 the principles behind the TWDA and the novel CSSDA are dis- 
cussed. In particular, the theory and a comparison between these two types of dis- 
tributed amplifier architectures are presented. It is also shown how the distributed 
amplifier technique can be applied to other circuit functions where broadband per- 
formance is attractive, namely mixer, active circulator, multiplier, power combiner 
and splitter, impedance transformer, and oscillator. 

Chapter 3 reviews the structure and the basic operation of gallium 
arsenide (GaAs) metal-semiconductor field effect transistor (MESFET), double- 
heterojunction pseudomorphic high-electron-mobility transistor (DPHEMT), and 
the single-heterojunction PHEMT (SPHEMT). The latter two devices are shown to 
be far more superior to the conventional GaAs MESFET device in terms of providing 
high-frequency performance with substantially improved gain, output power, and 
power-added efficiency. 

Chapter 4 describes the procedure used for carrying out small-signal and large- 
signal device characterization, which is essential for obtaining accurate equivalent 
circuit device models of the active devices that are used for the design and modeling 
of the broadband amplifiers. The device’s hot S-parameter data, which is obtained 
by biasing the devices at its nominal operating point, was used to extract the intrin- 
sic device elements of the small-signal model. The cold S-parameter data of the 
device is obtained by biasing the device at pinch-off. This data was used to derive the 
extrinsic device elements of the small-signal model. 

To analyze the power performance of the broadband amplifier, scattering 
parameters alone are insufficient because under large RF drive, a transistor exhibits 
considerable nonlinear behavior in C gs , g m , C gd , and R ds . Hence, in order to analyze 
the large-signal performance of the broadband amplifier, it was necessary to derive 
the device’s large-signal model from the pulsed direct current (dc) I d -V ds and I ds -V gs 
measurements. The latter measurements eliminate the dispersion effects that are 
shown to be very significant in the static dc I ds ~V ds measurements. 

This chapter also describes the procedure for accurately extracting the device’s 
small-signal and large-signal equivalent circuits from the device’s S-parameter and 
pulsed dc I-V measured data. The method used to determine the component values 
of the small-signal equivalent circuit is based on the process of calculating the extrin- 
sic and intrinsic component values from two sets of S-parameter measurements. The 
small-signal equivalent circuit is generated using these component values, and is 
optimized using computer-aided design (CAD) tools. This analytical method that is 
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employed is far more elegant then of the conventional numerical optimization 
method, which requires the small-signal model to be “fitted” to a large number of 
measured S-parameter data at various bias settings. One of the main problems of the 
latter method is the determination of the starting component values for the optimi- 
zation procedure. Depending on these starting values, the final values may be very 
different, even with low error functions, and this can result in component values 
that lack any physical meaning, thus leading to an inaccurate device model. 

Large-signal device models are critical for accurately modeling and analyzing the 
broadband amplifier design for output power and power-added efficiency perform- 
ance. The merits of deriving the large-signal model from the device process informa- 
tion and the empirical method is discussed. A semiempirical method, which is a 
compromise between the analytical and empirical methods, is shown to provide an 
accurate large-signal model, as no assumptions are referenced to the physical opera- 
tion of the device and it uses the measured data of the device. The chapter also 
reviews the different methods of nonlinear analysis and large-signal modeling tech- 
niques. The optimum large-signal model of the devices employed was derived by 
“fitting” the pulsed dc I ds -V ds and I ds ~V gs measured data to the theoretically predicted 
I ds -V ds and I ds ~V gs characteristics of the large-signal models available in CAD tools. 

Chapter 5 provides general analyses on the different classes of amplifier opera- 
tion for broadband applications to provide an insight into how a particular class 
of operation may affect the amplifier’s performance in terms of power-added 
efficiency. 

Chapter 6 describes the design, analysis, fabrication, and measured perform- 
ance of different types of broadband amplifiers operating across the frequency 
range of 2 to 18 GHz. All of the amplifiers were fabricated using hybrid MIC tech- 
nology. The amplifiers were fabricated on a high dielectric constant Alumina sub- 
strate, and all of the active devices were embedded into the circuit using chip and 
wire technology. The broadband amplifiers investigated include the conventional 
traveling wave amplifier, the feedback amplifier, novel CRTSSDAs, and a novel 
high-dynamic -range broadband amplifier. Finally, a novel current-sharing biasing 
technique is demonstrated on a feedback amplifier, which is shown to exhibit a sub- 
stantial improvement in efficiency and a 50% reduction in current consumption by 
the amplifier. 

Chapter 7 covers the practical aspects of the realization of the broadband 
amplifier designs in Chapter 6. The fabrication of the broadband amplifiers is 
implemented using the hybrid MIC technology. The active devices were mounted 
onto gold-plated posts, and the inductance associated with the posts was derived by 
the technique of shunt mounting a chip capacitor. The purpose of deriving the post 
inductance is to ensure that it is of a relatively small magnitude, as a large value 
could result in high-source inductance, which could induce instability in the active 
device. The inductance of the post is included in the amplifiers model to provide an 
accurate analysis. The characterization of the broadband chip capacitors is also pre- 
sented. These capacitors are employed as dc blocks and for power supply decou- 
pling. It is also shown how the RF choke inductance is realized, which is used for dc 
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biasing of the broadband amplifiers. These coils were designed to provide low inser- 
tion loss and no inband resonances. Finally, the fabrication of the test carriers, 
amplifier housings, and test jigs are presented. The material selected for the test car- 
riers and amplifier housings is thermally matched to the Alumina substrate. 

Chapter 8 describes the design of ultrabroadband microwave amplifiers for data 
modulator drivers. 

Finally, Appendix A provides relevant artificial transmission line theory related 
to distributed amplifiers. A List of Acronyms and a List of Symbols are also 
included. 
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Overview of Broadband Amplifiers 



1.1 Historical Perspective on Microwave Amplifiers 

The interest in microwave techniques for communication systems has grown 
immensely over recent years, and the performance of microwave active and pas- 
sive circuits for wireless systems technology has become extremely advanced. One 
of the most critical active circuits employed in systems applications is the micro- 
wave amplifier. Because it is a highly versatile circuit function, it has always been 
the first to benefit from developments in the device and semiconductor technologies. 
Amplifiers with extremely wide bandwidths with good performance have been suc- 
cessfully realized in the past 2 decades in hybrid and monolithic technologies. 
Hence, the subject of amplifiers has been firmly established in the fields of micro- 
wave, optical communication, instrumentation, and EW. 

It was from approximately the late nineteenth century to as early as 1930 that 
communication systems were severely limited due to the shortage of technology and 
sources for invention. During this spell, the triode electronic valve (tube) was 
used to develop amplifier and oscillator modules that were associated with very lim- 
ited applications and were mainly used for civil purposes. Many experiments were 
conducted for radio communication; among the experimenters was A. G. Clavier, 
who successfully set up a radio link across the channel between England and France 
in 1931 [1], Since then, the amplifier became the arena of active research carried out 
by many researchers. Their primary aim was to improve the performance of its 
gain-bandwidth product, but this was not possible because the technology was con- 
strained at that time by the electronic valve. 

This problem was extensively investigated by W. S. Percival [2], in 1935, who 
found that gain-bandwidth product is greatly affected by the capacitance and 
transconductance of the conventional electronic valve. In 1936, Percival elabo- 
rated discussion on a new type of electronic-discharge (thermionic) valve, with one 
or more of its electrodes made in the form of a spiral coil. This coil and the intere- 
lectrode capacitance form a distributed transmission system; therefore, he was the 
first to propose the idea of distributed amplification. This work was patented at 
that time in July 1936 under British Patent Number 460562. His publication states 
that if a system is terminated with appropriate characteristic impedance, a signal 
can propagate through the electrode and finally be absorbed by the termination 
line impedance. This discussion was then delineated on two-stage distributed 
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amplifiers using the thermionic valves (consisting of six screen grid vacuum tubes) 
[2], The idea was based on separating the input and output capacitances of a series 
thermionic valve from their transconductance and thereby overcoming the problem 
of constraining the gain-bandwidth product associated with the earlier narrow 
bandwidth amplifiers. This is achieved by means of absorbing the input and output 
capacitances into artificial transmission lines, so that the distributed amplifier 
would behave as a low-pass filter with bandwidth set by the cut-off frequency of the 
input and output lines. 

The potential of Percival’s work was not fully appreciated until a decade later, 
when his idea of the distributed amplifier was further investigated and developed by 
Ginzton [3] and Horton [4], They managed to realize the distributed amplifier and 
achieved good practical results. This area of amplifier work later became highly 
topical for active research, resulting in more activities and discussion on the distrib- 
uted amplifier. Consequently, a number of publications and scientific articles 
appeared on different applications such as television broadcasting, radar systems, 
networking, and EW applications [1]. 

A spectacular technological maturity was established in the early 1960s by 
transferring the tube-valve technology to the junction transistor technology. Since 
then, the development of distributed amplification techniques has increased rapidly. 
For broadband amplifier technologies, new methods and techniques for broadband 
matching were established [5, 6], Other types of amplifier designs in general also 
improved due to the advent of semiconductor diodes and transistors. Also different 
amplifiers (e.g., the varactor parametric amplifiers [7, 8], balanced transistor ampli- 
fier [9], traveling wave amplifier [10], and MESFET distributed amplifier [11]) 
could now be realized in hybrid technology. 

Between 1970 and 1980, advanced GaAs FET and MESFET technologies were 
heavily involved in the design of hybrid microwave amplifiers and circuits [12, 13]. 
Later, broadband designs for preamplifiers for small signals [14, 15] and medium 
power amplifier for larger signals were developed [16, 17]. 

In the early 1980s, the technology of distributed amplification was markedly 
improved using advanced technologies based on MMICs, which are still currently 
widely applied in a wide range of applications. At that time, Archer at Siemens [18] 
realized hybrid GaAs FET distributed amplifiers that had gains of 12 dB, input and 
output return loss better than 10 dB, and noise figures of 3 to 6 dB over a bandwidth 
of 0.1 to 6 GHz. For the first time, a monolithic GaAs FET four-stage traveling-wave 
amplifier with a gain of 8.5 dB 1 dB over a bandwidth of 0.5 to 14 GHz and good 
input and output return losses was realized by Ayasli at Raytheon [19]. Since then, 
the design considerations for monolithic microwave integrated circuits based on sili- 
con and GaAs technologies have been seriously considered as viable candidates for 
satellite communication, airborne radar, EW, and other applications. The properties 
of silicon and semi-insulating GaAs MMICs show low loss, improved reliability, 
small size and weight, multioctave broadband performance, circuit design flexibil- 
ity, and multifunction performance on single chip transceivers. The MMICs con- 
tinue to play a prominent role in improving communication systems in general, and 



TLFeBOOK 



1 ,2 Broadband Amplifiers 



this is accomplished with the aid of CAD techniques [20]. In the following sections, 
various types of broadband amplifiers are reviewed. 

1.2 Broadband Amplifiers 

Broadband systems have traditionally employed TWDA, as they have been exten- 
sively investigated and firmly established as being reliable and robust devices that 
can be realized in MIC and MMIC technologies. This device has become very popu- 
lar due to its excellent bandwidth performance. This is possible because the input 
and output capacitances of the active devices are absorbed in the distributed struc- 
tures [21]. The resulting amplifier also exhibits very low sensitivities in process 
variations when realized in MMIC technology and is relatively easy to design and 
simulate [22], 

The gain performance of a single-stage traveling wave amplifier comprising of 
two MESFET devices is limited to 8 to 9 dB. This is due to the gate and drain line 
attenuation that limits the number of FET devices in a distributed amplifier 
configuration. In other words, there are a certain number of devices that maximizes 
the gain per FET used. The limitation on the number of devices at high frequencies is 
mainly due to the attenuation on the gate line. The attenuation on the lines also 
reduces the bandwidth with an increase in the number of FETs. In practice, it is pos- 
sible to improve the efficiency and power output of a distributed amplifier by taper- 
ing the drain line impedance from section to section. Impedance tapering forces the 
backward traveling current to zero at the termination, thus forcing all of the devel- 
oped current from each FET to propagate in the forward direction only. In order to 
realize high gain amplifiers, a number of the single-stage traveling wave amplifiers 
have to be cascaded together. The major deficiencies of the latter technique, how- 
ever, are those of higher manufacturing cost and a substantial reduction in the 
amplifier power-added efficiency (i.e., typically 7% to 14%). The improvement in 
efficiency demands is primarily driven by the next generation of multioctave sys- 
tems, such as high-data-rate fiber-optic links and EW, which require considerably 
lower power dissipation. Such systems have very stringent requirements from 
broadband amplifiers in terms of the following attributes: high stability, high gain, 
high output power, and high power-added efficiency. Moreover, these amplifier 
designs in practice are also required to meet the high production yield and repro- 
ducibility targets necessary to minimize manufacturing cost. 



1.3 Review of Various Broadband Amplifiers 

Recently there has been considerable emphasis placed on the realization of solid- 
state power amplifiers at the L-band with power-added efficiency performance of 
60% to 80% operating over bandwidths of 500 MHz. The improvement in power- 
added efficiency has resulted from the development of state-of-the-art DPHEMT 
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devices and novel efficiency-enhancing circuit concepts [23, 24], In comparison with 
the narrowband power amplifier, the broadband power amplifier’s power-added 
efficiency performance is substantially lower, typically in the range of 8% to 19%. 
This is because the emphasis placed on the design of such amplifiers has been achiev- 
ing a maximum output power over the desired multioctave bandwidth, which comes 
at the expense of efficiency performance. 

The most popular and well-established circuit techniques employed in the 
design of broadband amplifiers that are realized in hybrid and monolithic 
technologies are: 

• Reactively matched circuit; 

• Traveling wave distributed circuit; 

• Feedback circuit; 

• Lossy matched circuit. 

The concept of cascading single-stage distributed amplifiers [25] presented in 
Chapters 2 and 6 has evolved to overcome the deficiencies in the TWDA’s 
performance. 

1.3.1 Reactively Matched Amplifiers 

The reactively matched amplifier, shown in Figure 1.1, is also termed as the lossless 
matched amplifier due to the reactively matched input and output circuits. The 
matching circuits are used to accomplish gain compensation (i.e., to flatten the 
FET’s gain roll off) by selectively creating reflections between the matching network 
and the active device. Because the matching networks are composed exclusively of 
reactive elements, the maximum gain, minimum noise figure, and maximum power 
output can be achieved for a given FET with a properly designed matching network. 
In practice, maximum gain can be achieved by optimizing the input matching cir- 
cuit, and the output matching circuit can be optimized to achieve maximum output 
power and hence power-added efficiency. The disadvantage of this type of amplifier 
is its relatively poor impedance match, because although the lossless matching cir- 
cuits provide the desired match over a narrow band of frequencies, the matching at 
other frequencies is degraded. This can be improved by employing isolators in the 
case of a single-ended design or hybrid couplers as combiners and dividers in the 
case of balanced amplifiers. In the single-ended case, this will result in extra cost and 
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Figure 1.1 Reactively matched amplifier configuration. 
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an increase in the overall size of the amplifier module. The balanced-amplifier 
approach results in an increase in output power of 3 dB; however, this comes at 
expense of double the dc power consumption. 

Tserng, et al. [26], reported the first reactively matched 2- to 18-GHz power 
amplifier employing GaAs MESFET devices. The amplifier was designed using 
wideband impedance transformers realized in MIC, and it achieved average power- 
added efficiency in the range of 8% to 15% with an output power of 23 dBm. The 
main deficiency of this amplifier design was that the terminal voltage standing wave 
ratios (VSWRs) were very poor under small-signal conditions. Palmer, et al. [27], 
produced the first reactively matched MMIC multioctave power amplifier operat- 
ing over the frequency range of 6 to 18 GHz. The amplifier achieved an output 
power of 27 dBm with an average power-added efficiency of 19%. This was a two- 
stage amplifier employing a driver stage and an output stage, which had two power 
devices connected in a parallel configuration in order to decrease the source induc- 
tance and to diffuse heat concentration in the devices. 

The design of amplifiers capable of high output powers require FET devices 
with large gate peripheries that enable high channel current densities to be achieved 
from the FETs. Unfortunately, a large gate width simply increases the device’s para- 
sitics, especially the gate-source capacitance and the gate resistance. Although it is 
possible to decrease the gate resistance by changing the geometry of the FET, the 
gate resistance of a FET usually cannot be reduced in proportion to the increase in 
gate width, so gain decreases as gate width increases; consequently, power FETs 
usually have relatively low gain. It was found that the size of the GaAs MESFETs 
could not be increased indefinitely because of crosstalk, phasing, and stability prob- 
lems. In an effort to minimize these effects, designers have developed divider/combi- 
ner circuits [28]. Other designs use the cluster cell matching concept, where input 
matching is achieved at the level of the individual cell clusters, which are then par- 
tially matched at their outputs prior to combining via quarter wavelength lines [29]. 
The operating bandwidth of the latter circuits is limited to an octave. 

1.3.2 TWDAs 

The traveling wave concept has been well researched and established, hence it is 
immensely popular in the design of amplifiers operating across multioctave band- 
widths. In a GaAs MESFET distributed amplifier, the input and output lines are two 
transmission lines with a number of GaAs MESFETs connected between them, as 
shown in Figure 1.2. The gate and drain impedance of the MESFETs is absorbed 
into the lossy artificial transmission lines formed by using lumped inductors that are 
terminated into a characteristic impedance. As the signal travels down the gate line, 
each transistor is excited by the traveling voltage wave and transfers the signal to the 
drain line through its transconductance. The signals on the drain line add in the for- 
ward direction as they arrive at the output. The waves traveling in the reverse direc- 
tion are not in phase, and any uncanceled signal is absorbed by the drain-line 
termination. As a result, the characteristic impedance tends to provide a constant 



TLFeBOOK 



Overview of Broadband Amplifiers 




input and output resistance, thus achieving a very wide bandwidth (e.g., 2 to 18 
GHz) performance. This type of amplifier eases the difficulties associated with 
broadband matching of the FET input and output impedances, as the input and 
output capacitances of the FETs are absorbed into the input gate and output drain 
transmission lines, respectively. The major application of this type of amplifier has 
been in EW, radar, and broadband communication systems, as well as in measure- 
ment instrumentation. The main advantages of the amplifier are its very wide 
bandwidth and inherent circuit stability characteristics. The major disadvantages of 
the amplifier are its relatively poor output power and therefore low power-added 
efficiency performance, in addition to the need for multiple active devices in its 
implementation, which results in increased complexity and manufacturing cost. 

The distributed amplifier employing solid-state GaAs MESFET devices was first 
investigated by Moser in 1967 [30] and by Jutzi in 1969 [31]. They realized an 
amplifier that used hybrid lumped element circuit technology and demonstrated its 
potential for providing a relatively high gain bandwidth product. In 1982, the first 
1- to 13-GHz monolithic traveling wave amplifier was presented by Ayasli, et al. 

[32] , In the following year a practical design approach for both lumped element and 
transmission line element traveling wave amplifiers was formalized by Nicks, et al. 

[33] . It was later that the expressions for the gain and bandwidth of the distributed 
amplifier in terms of the input and output propagation constant and the cut-off fre- 
quency were developed by Beyer, et al. [34], 

Ayasli, et al. [22], reported 2- to 20-GHz decade band amplification with 30-dB 
gain with GaAs FETs in monolithic form. He also investigated the power-limiting 
mechanisms in a GaAs FET traveling wave amplifier and described a circuit 
approach that decreases the effect of some of these limiting mechanisms [21], He 
basically used two traveling wave amplifiers that had a common drain line. The 
input power was split into the two gate lines, each employing four 150-/tm FETs, 
using a Wilkinson divider. The FETs excited from the two gate lines are combined 
on the single drain line, effectively giving four 300-ztm drain periphery. Thus, the 
total gate periphery is doubled without affecting the loading on the gate lines. Also, 
the load line impedance is halved, as there is twice the drain periphery on the output 
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line. Because gain per stage is not significantly affected, the efficiency of the ampli- 
fier is effectively doubled. This amplifier produced 0.25W of output power across 2 
to 20 GHz with power added-efficiencies in the range of 7% to 14%. 

Kim and Tserng [35] described a novel concept of reducing the gate line losses 
by using series capacitors with the GaAs MESFET devices. Their concept was to 
increase the gate periphery of the GaAs MESFET devices, resulting in an increased 
broadband output power performance. An output power of 0.5W was achieved 
with 4-dB small-signal gain over 2- to 21-GHz bandwidth. The average power- 
added efficiency achieved across the bandwidth was approximately 7%. 

Prasad, et al. [36], described the quantitative procedures for the design of GaAs 
MESFET distributed amplifiers using series capacitors in the device gate circuits. 
They showed that the choice of series capacitors allows the designer to trade gain 
for bandwidth while maintaining a given gain-bandwidth product. It was also 
shown that the input power capability could be increased by the use of series capaci- 
tors when the device pinch-off is the power-limiting factor. Furthermore, they also 
showed how the addition of series capacitors enables the gate periphery of an ampli- 
fier to be increased, which results in an increase in power-bandwidth product. 
Ayasli, et al. [37], followed a similar concept where they capacitively coupled the 
individual GaAs MESFETs to the gate input line through discrete series capacitors. 
One watt of output power was achieved over 2 to 8 GHz with power-added effi- 
ciency in the range of 5% to 7%. 

Paoloni, et al. [38], describe an innovative topology of a distributed ampli- 
fier based on input and output broadband Lange couplers. The modified oper- 
tion mechanism of the new configuration, in comparison with the conventional 
distributed amplifier, establishes a remarkable improvement of the output power, 
power-added efficiency, and small-signal gain. The performance of a 2- to 18-GHz 
conventional distributed amplifier is presented with power-added efficiency in the 
range of 8% to 15%. The newly configured amplifier design achieves power-added 
efficiency in the range of 13% to 19%, which is a significant improvement when 
compared with the conventional distributed amplifier case. 

Shapiro, et al. [39], have described a novel traveling wave power amplifier 
topology, which employs power-combining techniques. Conventional distributed 
amplification techniques have allowed for high gain and bandwidth to be achieved 
at the expense of low efficiency. The decreased efficiency is primarily due to the 
existence of an actively loaded artificial transmission line at the output, resulting in 
backward wave propagation. Using the same traditional input line distributed tech- 
niques to achieve high bandwidth, their research explored the use of a delay line, 
including a combining output topology, to improve the efficiency at large signal by 
eliminating the backward waves. A broadband output combiner transforms the 
amplifier load impedance to that of an optimum load for each device, thus realizing 
a traveling wave power amplifier. The novel amplifier, designed to operate over the 
frequency range of 1 to 9 GHz, achieves an efficiency of 25 % across the entire band- 
width. The conventional traveling wave amplifier, however, achieves 5% to 10% 
across the same bandwidth. 
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Figure 1.3 The dual-fed distributed amplifier. 

Aitchison, et al. [40, 41], proposed a novel amplifier based on the TWDA, which 
they referred to as a dual-fed distributed amplifier. This was because the input signal 
is fed to both ends of the gate line by means of a hybrid coupler. In addition, because 
superposition applies, the benefit of gain is obtained in both directions. Both ampli- 
fied signals are collected by means of a second hybrid, as illustrated in Figure 1.3. The 
use of a 90° hybrid results in forward and reverse gain benefit being obtained at the 
output port so that there is a 6-dB increase in gain above that obtained from the same 
amplifier circuit used unidirectionally. This benefit is obtained up to at least half of 
the cut-off frequency. Thus, 6 dB of gain is obtained from only two FETs. In addition, 
the input power for 1-dB compression is increased by 3 dB, and hence the 1-dB gain 
compression power is 3 dB higher than for the corresponding unidirectional ampli- 
fier. Measurements also show that a carrier to third-order intermodulation product 
ratio (C/I) of 25 dB can be achieved with an input power back off of 9 dB for conven- 
tional power distributed amplifier, while the corresponding figure for the dual-fed 
distributed amplifier is 6 dB, an improvement of 3 dB. There is also a noise figure 
improvement of about 2 dB, which diminishes with increase in frequency. 

More recently ultrabroadband traveling wave amplifiers operating at up to 180 
GHz have been realized by Agarwal, et al. [42] . This amplifier exhibited a gain of 5 
dB across the 180-GHz bandwidth. Agarwal and his team also reported traveling 
wave amplifiers having 1- to 112-GHz bandwidth with 7-dB gain, and 1- to 157- 
GHz bandwidth with 5-dB gain. All of these amplifiers were fabricated using a 
O.T/tm gate length InGaAs/InAlAs HEMT MMIC technology. 

1.3.3 Broadband Feedback and Lossy Matched Amplifiers 

The amplification of microwave signals employing amplifiers, which only require a 
single device to achieve the multioctave bandwidth, was proposed by Niclas, et al. 
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[43, 44], These amplifiers are defined as the feedback and lossy matched. The feed- 
back amplifier, shown in Figure 1.4, employs shunt feedback between the gate and 
drain of the active device used in the circuit. The major advantages of the feedback 
amplifier are: 

• The circuit is less complex compared with the reactively matched and travel- 
ing wave amplifier circuits and therefore is easier to realize. 

• The amplifier can provide higher power-added efficiency performance when 
compared with the conventional traveling wave amplifiers. 

• The amplifier offers a cost-effective multioctave bandwidth amplifier design. 

• It has excellent performance in achieving flat gain and unconditional stability, 
and it provides very good input and output match. 

• The amplifier can be realized in hybrid MIC and MMIC circuit technologies. 

• It provides lower distortion and sensitivity to active device variations. 

The main disadvantage of this type of amplifier is the erosion of the its output 
power and noise figure over the lower end of the frequency band due to loss associ- 
ated with the feedback resistor. 

The feedback path consists of three elements (i.e., resistor R^, inductor L fh , and 
the capacitor C^). The value of the feedback resistor controls the gain and band- 
width of the amplifier. The gate inductance L g , the drain inductance L d , and the 
feedback inductance L fh can be optimized to extend the amplifier’s bandwidth [43] . 
The feedback inductance L fh reduces the effectiveness of the negative feedback with 
increasing frequency. The drain inductance L d is selected to compensate for the 
intrinsic drain-source capacitance of the device up to the cut-off frequency. The dc 
block capacitor is used to isolate the gate from the drain bias supply. The capaci- 
tor Gfb and bias inductors LI and L2 also determine the amplifier’s bandwidth per- 
formance, which has to be resonance free across the desired bandwidth. The 
feedback amplifier can be very sensitive to frequency when implemented in hybrid 
technology; hence, its implementation dominates in MMIC technology. 
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The lossy matched amplifier employs resistors R1 and R2 at the input and output 
matching circuits, respectively, as illustrated in Figure 1.5. These resistors are used to 
provide gain equalization (i.e., flat gain response) by introducing high attenuation at 
low frequencies and low attenuation at high frequencies, while maintaining a good 
input and output match over the desired broad bandwidth. This fact makes the 
amplifier suitable for cascading without the need for isolators to improve interstage 
matching, as is the case for the reactively matched amplifier. Therefore, they are rela- 
tively smaller and have lower power consumption. The amplifiers provide broad 
bandwidth performance at the expense of low gain, low output power, high noise fig- 
ure, and poor power-added efficiency [43] . This is mainly due to losses in the resis- 
tors, which are used in the input/output matching and interstage networks. 

1.3.4 CSSDAs 

Although the TWDA has the desirable attributes of flat gain and good terminal 
match over a wide frequency range, it is deficient in terms of gain and output power, 
and it requires multiple devices leading to a relatively large gain module. These 
drawbacks stimulated work for improving the design of conventional distributed 
amplifiers in terms of realizing a more compact circuit using fewer devices to 
produce high levels of gain. Minnis [45] described for the first time the principles of 
cascadable amplifiers. His simulation results indicate that the single-stage distrib- 
uted amplifier employing 800-/tm FET is capable of delivering a 6-dB gain over 7 to 
14 GHz and occupies less than 1 mm 2 of GaAs. Later in the same year, Moazzam 
and Aitchison [40] described a single-stage distributed amplifier that is based on 
the dual-fed distributed amplifier. Figure 1.6 illustrates this amplifier. In this 
configuration, the input and output line idle ports are reactively terminated, which 
results in a significant improvement in gain and power-added efficiency over that 
available from a conventional TWDA and dual-fed distributed amplifier. The signal 
at the input port travels down the gate line and is reflected at the open circuit so that 
the gate voltage is double the input voltage. Similarly, the output current in the drain 
line load is due to current reflected from the drain open circuit as well as the direct 
drain current. Moazzam and Aitchison theoretically analyzed this configuration, 
and their simulation results show that the single-stage distributed amplifier with 
open-circuited terminations have a relative flat gain response of 9.5 dB up to 5 GHz 
beyond which it gradually diminishes. The gain response is approximately the same 
up to 5 GHz for a four-stage conventional distributed amplifier. The power-added 
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Figure 1.5 Lossy matched amplifier configuration. 
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Figure 1.6 Single-ended dual-fed distributed amplifier. 



efficiency of the single-stage distributed amplifier is more than quadrupled in 
comparison with that of the four-stage distributed amplifier. But, using short- 
circuited terminations in the single-stage distributed amplifier results in a 
bandpass-like gain response with a maximum gain occurring at its center. This gain 
response can be shifted from one end of the band to the other by changing the phase 
of the reflecting terminations (e.g., by terminating the idle ports with inductors or 
capacitors). The drawback of the single-stage distributed amplifier is its poor input 
and output match, and its 3-dB bandwidth is approximately half that of a conven- 
tional distributed amplifier. 

Figure 1.7 shows how the single-stage distributed amplifier, with some modifi- 
cation, can be used as a tunable oscillator [40]. The output of the amplifier is con- 
nected to the input through a length of line to provide an appropriate phase change 
of 180° at the required frequency of oscillation. The frequency of oscillation is tun- 
able over a broad bandwidth by means of adjusting the terminating reactances. 
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Figure 1.7 Single-ended dual-fed distributed amplifier used as a tunable oscillator. 



TLFeBOOK 



12 



Overview of Broadband Amplifiers 



Liang and Aitchison [46] extended the concept of a single-stage distributed 
amplifier by transforming the configuration into a cascade of n single-stage distrib- 
uted amplifiers (w-stage CSSDA), where n is the number of devices, as is illustrated 
in Figure 1.8. In this configuration, the idle drain/gate termination is omitted for 
stages other than the first and last. With no idle drain/gate termination, the voltage 
swing across the input gate of the active device is increased, which consequently 
enhances the amplifier’s gain. A series feedback is included in the amplifier configu- 
ration as an external inductance added to the source terminal of the FET at each 
stage. In this configuration, the input signal power is coupled and amplified via the 
transconductance of the FETs, and it emerges from the drain line. The simulation 
results of this amplifier show that a cascade of four single-stage distributed amplifi- 
ers provides a 20-dB flat gain performance and return loss better than 14 dB. 
The conventional four-stage distributed amplifier configuration employing the 
same FETs provides a gain of 9 dB over the same bandwidth. This clearly shows the 
superiority of the cascaded single-stage distributed amplifier over the conventional 
distributed amplifier. 
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The CSSDA design proposed by Liang and Aitchison [46] is difficult to realize in 
practice because: 

• The series feedback is difficult to realize, especially in hybrid form using pack- 
aged active devices. 

• The series feedback is very sensitive at high frequency and may drive the 
amplifier into oscillation (instability) at some stage across the wide 
bandwidth. 

• The design requires transistors with high transconductance greater than 
50 mS to compensate for losses caused by the series feedback. 

Despite these shortcomings, the series feedback can be a useful technique for 
modifying the input impedance (usually increasing it) or in some cases for improv- 
ing the noise figure. 

Stability can be more of an issue with the CSSDA configuration than in an ordi- 
nary distributed amplifier, other than due to the series feedback element. This is 
because the high gain associated with the cascaded distributed amplifier may result 
in excessive coupling between the input and output ports, which can lead to instabil- 
ity. Coupling between the input and output of the individual cascaded devices may 
also erode the amplifier’s stability. Hence, in the CSSDA design, careful considera- 
tion must be exercised in order to ensure stable operation over its frequency band- 
width. 

Banyamin, et al. [47], improved the single-stage distributed amplifier circuit by 
eliminating the series feedback network and its detrimental effect of eroding the 
gain potential of the amplifier. Banyamin realized the amplifier in two-, three-, and 
four-cascaded single-stage distributed amplifier using packaged heteroj unction FET 
devices and showed that the new CSSDA amplifier provides useful gain response 
over a bandwidth of 2 to 10 GHz as well as providing stable operation. The com- 
parison between the CSSDA with the conventional traveling wave amplifier realized 
using the same active devices is given in Table 1.1. It can be seen that a four-stage 
CSSDA provides a gain of 37 dB, compared with 10 dB obtained from the conven- 
tional traveling wave amplifier realized using the same devices achieved across the 
same bandwidth [48]. The prototypes of the amplifier are shown in Figure 1.9. 

The CSSDA configuration is discussed further in Chapter 2. 



Table 1.1 Measured Performance of the CSSDA 



CSSDA Number of Stases 


Available Power Gain (dB) 


Return Loss (dB) 


2 


20 


>10 


3 


30 


>10 


4 


37 


>10 


TWDA Number of Stases 


Available Power Gain (dB) 


Return Loss (dB) 


2 


6 


>10 


3 


10 


>10 


4 


10 


>10 
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Two-stage CSSDA 




Three-stage CSSDA 



Figure 1.9 




Four-stage CSSDA 



Hybrid prototypes of CSSDA. 
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2.1 Introduction 

This chapter describes the principles behind the conventional TWDA and the 
CSSDA. A lossless cascade of two single-stage distributed amplifier (two-stage 
CSSDA) design using a simplified unilateral FET model is investigated. The effect of 
the interstage characteristic impedance on the available power gain and the influ- 
ence of intrinsic FET elements on the CSSDA performance are analyzed. A compari- 
son is provided between the conventional TWDA and CSSDA designed using 
identical devices. Finally, it is shown that the distributed amplifier is not only appli- 
cable to wideband multioctave amplifiers, it can also be applied to other circuit 
functions where broadband performance is needed. 



2.2 Heterojunction Field Effect Transistor 

The active device employed in the design and analysis of the CSSDA presented in 
this chapter is the heteroj unction field-effect transistor (HJ-FET) (NE32584C) [1]. 
The choice of this device was made arbitrarily; however, it has an excellent low 
noise of 0.45 to 0.55 dB and high associated gain of 12.5 dB at 12 GHz. Its simpli- 
fied unilateral equivalent circuit is shown in Figure 2.1. The gate and drain 




Source 

Figure 2.1 Simplified unilateral model of the HJ-FET. 
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channels have parasitic reactance C gs and C is , respectively. The feedback capaci- 
tance C gd represented by the dotted line is usually ignored in the simplified 
device model. The transconductance g m is a voltage-controlled current source that 
governs the magnitude of the current flowing through the device. The trans- 
conductance is controlled by the voltage swing V gs across the FET’s input gate 
capacitance C gs . 

In reality, the FET’s small-signal equivalent circuit is complicated, as illustrated 
in Figure 2.2. The elements enclosed by the dotted line box are referred to as the 
intrinsic elements. The remaining parts are referred to as extrinsic elements or para- 
sitic elements, where resistors R g , R d , and R s represent the bond-wire resistances at 
the gate, drain, and source terminals, respectively. The inductors L g , L d , and L s are 
bond-wire inductances at the gate, drain, and source terminals, respectively. The 
feedback capacitance C gd is responsible for reverse gain or isolation, S 12 . This 
capacitance is used to differentiate whether the device is classified as unilateral or 
nonunilateral. A FET with a high value of C gd is nonunilateral, while one with low 
C gd is unilateral. The isolation S 12 of this HJ-FET is very small (typically, its 
magnitude varies between 0.025 to 0.098 dB across 2 to 18 GHz). Therefore, it is 
assumed to be unilateral. This implies that the transistor die has a negligible 
internal feedback. Packaged HJ-FETs normally have associated external parasitic 
capacitances caused by the packaging of the device. These capacitances are repre- 
sented by C gdp that exists between the gate and drain channels, C gsp that exists 
between the gate and source channels, and C isp that exists between the drain and 
source channels. Their values are relatively small and depend entirely on the pack- 
aging type. 

The element values in the small-signal equivalent circuit model for this HJ-FET 
were obtained using a commercial simulation tool and are given in Table 2.1. 

Considering the circuit diagram in Figure 2.1, the input I m and output I a currents 
are given by 




Figure 2.2 Full nonunilateral model of the HJ-FET. 
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Table 2.1 Equivalent Circuit Parameters of the H)-FET (NE32584C) 

Intrinsic Elements Extrinsic Elements 

5Q R g 3Q 

0.25 pF L g 0.3 nH 

0.01 pF R d IQ 

60 mS L d 0.4 nH 

0.1 pF R s IQ 

243Q L s 0.1 nH 

C gdt 0.01 pF 

C d ", 0.01 pF 

C gsp 0.01 pF 



I m = ja)C gs V gs (2.1) 

K =g m V g s (2.2) 

where (o = 2nf 

From (2.1) and (2.2), the current gain f> 21 \ is given by 

= =gJ<oC gs (2.3) 

The maximum power gain transfer from the input to the output terminal of the 
transistor is given by [2] 

Maximum power gain = j ^ =|^j (2.4) 



R i 

C gs 

Rm 

C ds 

R ds 



where f t is the maximum cut-off frequency. 

The maximum cut-off frequency (i.e., the frequency at which the short-circuit 
current gain of the transistor drops to unity) is defined as the gain-bandwidth prod- 
uct, which can be obtained from (2.3) and is given by 



ft =g m / 2jtC g s 



(2.5) 



The maximum frequency of oscillation f max (i.e., the frequency at which the 
available gain power of the transistor is unity) is obtained from (2.4) and is 
represented by 







( 2 . 6 ) 



From the small-signal equivalent circuit element values given in Table 2.1, /)and 
frmx °f the HJ-FET are found to be 38.2 GHz and 133 GHz, respectively. 
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2.3 Conventional TWDA 

As mentioned in Chapter 1, the TWDA is associated with two artificial transmission 
lines, one that makes up the input gate line and another that forms the drain output 
line. The artificial lines basically consist of a ladder network of series inductance and 
shunt capacitances, hence the formation of two constant-^ transmission lines that 
have different cut-off frequencies and attenuation characteristics. The shunt capaci- 
tors of the gate line are supplied by the gate capacitance C gs of the FETs, whereas the 
drain-line shunt capacitors are supplied by the FET’s drain capacitance C ds . Lengths 
of transmission line are used to form the series inductances. Figure 2.3 shows the cir- 
cuit diagram of the TWDA, in which four identical active devices are connected in 
parallel. Each stage can be considered a T-section network connected in parallel. 
The purpose of the artificial transmission lines is to effectively remove the gate and 
drain capacitances associated with the active device by absorbing them within an 
artificial line. Such an ideal artificial line has the property that power can be propa- 
gated along the line from a matched generator to a matched load up to the cut-off 
frequency of the line, at which point propagation ceases and all power is reflected. In 
practice, the cut-off frequency is limited by the gate capacitance of the FET and the 
gate-line inductance. 

In the distributed amplifier, the input signal propagates down the gate line, with 
each FET tapping off some of the input signal. The input voltage that appears at the 
gate of each FET is amplified via the FET’s transconductance, producing current in 
the drain line. For the distributed amplifier to produce useful gain, it is essential that 
these drain currents add in phase as the signal propagates along the drain line 
toward the amplifier’s output. This means that the phase shift between FETs along 
the drain line must be exactly the same as the phase shift between FETs along the 
gate line. This is achieved by carefully choosing the propagation constants and 
lengths of the gate and drain lines for constructive phasing of the output signals. The 
termination impedances on the lines serve to absorb waves traveling in the reverse 
directions. Unfortunately, as the artificial lines are heavily loaded by the FET’s 



Drain-line inductances 




Gate-line 

termination 



Figure 2.3 Schematic diagram of the conventional TWDA. 
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resistances, the number of active device sections cannot be added indefinitely. This 
is because the attenuation along the transmission lines will eventually exceed the 
gain obtained by adding an additional active device. 

2.3.1 Available Gain of a TWDA 

The forward gain of a traveling wave amplifier comprised of n active devices can be 
derived by using the simple amplifier model of Figure 2.4. Essentially, the FET is 
considered to be loss free and to consist of a gate capacitance C gs and a drain current 
generator I n with associated drain capacitance C is . Other elements in the more gen- 
eral equivalent circuit are neglected to simplify the analysis presented here. Simi- 
larly, the artificial transmission lines, which form the input gate-line inductance L g 
and the output drain-line inductance L d , are considered to be loss-free lumped 
components. The gate and drain lines are terminated in their characteristic imped- 
ances Z g and Zj, respectively. It is assumed that the external source and load 
impedances Z g and Z d are purely real (i.e., 50Q). 

In the amplifier circuit, a wave from the gate generator propagates down 
the gate line with a phase constant /i g per section and is dissipated entirely in the 
right-hand gate load. The voltage across each input gate capacitor C gs causes the 
corresponding current generator to produce current g m V gs in the drain line, which 
flows in both directions with a phase constant of per section. Thus, the power 
will be dissipated in both of the drain loads. Hence, we need to consider the 
forward gain to the right-hand drain load and the reverse gain to the left-hand 
drain load. 

The expression for the forward small-signal available gain can be obtained by 
considering that the FET current generators have a magnitude I 3 , 1 2 ..., I „. Then the 
total current I d in the load Z d is the superposition of the drain line currents given 
by [3] 




(2.7) 



E s 



Z 



Z 




-nrr- 

L d 



Ld L d 



First stage Second stage 
Figure 2.4 Equivalent circuit of TWDA with n sections. 
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The voltage wave propagating down the gate line due to E s produces voltages 
V l5 V 2 ,..., V n across each input gate capacitor. If the voltage across the input termi- 
nal of the amplifier is V in , then 

V, V 2 = V itl e~ 2 'P g V„ = (2.8) 

Now 

h =g m Vi, h h =g m Vn (2-9) 



Because we have assumed the gate line to be loss free, the following applies 



|v 1 |« B| y 2 | = V.HVJ 



and 

Therefore, 



( 2 . 10 ) 



( 2 . 11 ) 



(2.12) 



This expression simplifies to 









(2.13) 



However, V m is equal to EJ2 for a matched line, so (2.13) can be written as 
sin j(P d ~P g ) 



W-4 £ .«- 



sin ^(P d ~P g ) 

The power dissipated in the load Z d is therefore given by 

sin j(Pj ~P g ) 



E] 

U 8 " 



sin \{p d -P t ) 



(2.14) 



Because the power available from the generator is given by 
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The forward available gain is given by 



G twa =- 



siz d z g 


sin ”(p d -0 g )j 


4 


^\{Pd ~P g )\ 



The function in the braces can be simplified in the limiting case as /? g -» fi d . The 
sine function can be represented by the following series: 



sin x = x — ; 



so 



lim(/J rf -p g )-*0- 



~Pg) 

si n \{Pd ~P t ) 

= lim(/3, -/?)-*• 0- 

1 ~{Pi ~P g ) /4X3! + . 

Then the forward available gain can be represented by this simplified expression 



lie , 




!(?< -?.)-[! O’*-/*.) 


\b- 


-"’0 ~/9,)'Ax3I + ... 





' 2 g 2 m z d z g 



This expression is significant in that it is frequency independent up to the cut- 
off frequency of the artificial transmission line. The cut-off frequency of the two 
transmission lines can be altered by the appropriate selection of and fi g . It indi- 
cates that the gain can be increased without limit by simply increasing n while 
maintaining a constant bandwidth; however, this only applies in an ideal loss-free 
case. 

In practice, the gain of the amplifier does not increase monotonically with n 
because of losses in the gate and drain lines. A more accurate gain expression is 
given by [4, 5] 



G tw 




( 2 . 20 ) 
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where 

A g is the gate-line attenuation 
A d is the drain-line attenuation 

The optimum number of devices N opt that maximizes gain at a given frequency is 
given by the expression [6] 



Nop, 




( 2 . 21 ) 



The expressions for the gate- and drain-line attenuation factors are derived from 
the propagation function for a constant k line and are given by 



A g 




A d 




where 

c o is the midband radian frequency 
(o c is the radian cut-off frequency 



1 

R t C gs 



( 2 . 22 ) 



(2.23) 



(2.24) 



(2.25) 



w c = 






2 




(2.26) 



These equations allow us to determine the optimum number of devices required 
to realize a traveling wave amplifier. These expressions indicate that the frequency 
response of the amplifier is determined primarily by the gate line, as it exhibits a 
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substantially larger attenuation factor than the drain line and has a lower cut-off 
frequency. The gain performance is also limited by the gate-line attenuation factor 
because the gate-line attenuation will eventually exceed the added gain obtained by 
increasing the number of amplifier sections. The former constraints usually limit the 
gain and bandwidth attainable with practical realizations. 

The effect of the number of amplifier stages on the gain and bandwidth for a 
typical FET distributed amplifier is shown in Figure 2.5. This analysis shows 
improvement in gain as the number of amplifier stages is increased; however, the 
gain increase begins to become negligible for n greater than 5. In addition, the flat- 
ness of the bandwidth response deteriorates as the number of amplifier stages is 
increased. However, in practice, the flatness can be improved slightly by optimizing 
the artificial transmission-line terminations. 

The expression of the reverse available gain for power dissipated in the left- 
hand drain load can be determined in a similar fashion to the forward available gain 
described earlier. The current flowing through the left-hand drain load is given by 

l d =^{h +I 2 e~’ pd ,..., (2.27) 



The relationships given in (2.8)-(2.11) apply, so that 

I, +v i(2, -* , ' ) + ... + 

This expression simplifies to 



(2.28) 




Frequency (GHz) 



Figure 2.5 Gain of a distributed amplifier as a function of the number of amplifier stages. 
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2 

Because V in is equal to EJ2 for a matched line, (2.29) becomes 

sin ?(X + Pd) 






1/ 



Therefore the power dissipated in the left-hand drain load Z d is given by 

E 2 2 \ sin l(Ps + ^)1 
TTSi\-^ Z, 

[ sin 2 O 3 * + Pd)\ 

and the reverse available gain is given by 





sin l(P g + Pd) 


4 


sin.*(X +P d ) 



(2.29) 



(2.30) 



(2.31) 



(2.32) 



For maximum forward gain, /3 d = fi g - /l; then (2.32) becomes 

_si z d z g \ sin «/? 1 2 

G ~ j\ 



(2.33) 



The value of the function in the braces {sin nfilsinfi) 1 is small except when w/3 is 
close to 0 or jt when the function approaches n and the forward and reverse avail- 
able gains are identical. 

It can be concluded that the forward gain can be made as large as is desired by 
simply increasing the number of stages, while the reverse gain becomes negligible 
except at those frequencies at which nj3 -> 0 or n. 



2.3.2 Advantages of TWDA 

The advantages of TWDA include: 

1. Providing a good input match, so gain modules can readily be cascaded. 

2. Its isolation from output to input is good (typically - 40 dB) and this coupled 
with the nonresonant nature of the input and output impedance results in 
a stable amplifier configuration with no oscillatory tendency on module 
cascading. 
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3. Providing more options for the design of the input and output matching 
networks than the single-stage amplifier. 

4. Providing a higher power level than amplifiers with a single stage, as the 
current generated by each active device is vectorially combined at the output 
drain line. 

5. Being versatile, as its configuration allows the implementation of other 
functions, such as the power combiner, power splitter, circulator, multiplier, 
mixer, impedance transformer, and oscillator (see Section 2.5). 

6. Being relatively insensitive to the tolerance of passive and active device 
characteristics. 

7. Being relatively insensitive to temperature. 

8. Its noise figure can be reduced by increasing the number of active devices [7]. 

2.3.3 Disadvantages of TWDA 

The disadvantages of TWDA include: 

1. Phase velocity equalization is necessary because the total output current is 
dependent on the phase coherence of the individual current generators. The 
phase velocity equalization requires adding extra capacitance to the drain 
line in parallel with C ds at each stage to equalize the input and output 
capacitances of the active device. This adds complexity and may cause 
difficulties for realizing the amplifier. 

2. As the input signal propagates down the gate line, each active device receives 
a reduced amount of input voltage than the previous one because the energy 
is dissipated by the device’s gate-source resistance. This effect is a function of 
frequency. 

3. The amplifier’s gain is limited by the gate-line attenuation, which will 
eventually exceed the added gain obtained by increasing the number of 
active devices. 

4. Failure of any stage in the gain module will seriously affect the performance 
of the amplifier, as the gain is determined by the behavior of several FETs 
whose contributions are added rather than multiplied. It therefore follows 
that the effect of failure of one FET will be to cause the gain to be 
reduced rather than eliminated. Thus, the distributed amplifier possesses the 
property of graceful degradation. 



2.4 CSSDA 

The distinguishing features that make the distributed amplifier attractive are its flat 
gain and good terminal match over a broad range of frequencies. However, in the 
worst-case design scenario, its architecture can squander up to 50% of the avail- 
able output current from the FETs by allowing current to flow in the reverse direc- 
tion along the drain line toward the idle drain load end. This substantially reduces 
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both the efficiency and the output power per FET that could otherwise be achieved 
if all of the current flowed toward the required output load. In practice, we can 
direct more drain current toward the output drain load by simply tapering the 
impedance of the artificial transmission lines [8]. However, in the extreme case 
when the drain line is severed on the inner side of the last device, this would make it 
impossible for any current to flow in the reverse direction along the drain line. This 
approach effectively makes all preceding devices redundant, leaving what is essen- 
tially a single-stage distributed amplifier, as the device is connected between two 
artificial transmission lines. By connecting n of these amplifiers, cascaded in series, 
the overall gain module is referred to as n-stage cascaded single-stage distributed 
amplifier (n-stage CSSDA). In the analysis presented next, this amplifier configura- 
tion is shown to exhibit higher levels of gain and power-added efficiency using the 
same number of FETs as a conventional distributed amplifier over the same fre- 
quency bandwidth. 



2.4.1 Lossless CSSDA 

The CSSDA topology shown in Figure 2.6 uses the simplified small-signal equivalent 
model of the FET. A signal generator connected at the input of this network will 
result in a voltage swing across the input gate capacitor C gs at the first stage. The 
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signal is amplified via the FET’s transconductance to produce a current flow at its 
drain port, which is terminated by the interstage impedance Z iM . This current will in 
turn develop a voltage at the gate of the next stage to be amplified by the corre- 
sponding FET, producing a current at its drain port. Thus, the signal will be ampli- 
fied by the gain of the successive stages. Hence, the available power gain can be 
significantly increased by increasing the number of device stages w, as confirmed by 
the analysis in the next section. In this design, only the characteristic impedance of 
the input gate and output drain ports of the active device need to be equalized at 
each stage. This indicates the ease of the cascaded distributed amplifier design over 
the conventional distributed amplifier, as no phase equalization between successive 
stages in the drain and gate lines is necessary. 

Based on this technique, a two-stage CSSDA was designed. Figure 2.7 shows the 
simulated performance of the lossless two-stage CSSDA module. The available 
power gain S 21 is 25 ± 1 dB; input S n and output S 22 return losses are better than 10 
dB across a 10-GHz bandwidth. Noise figure (NF) is about 3 dB across this 
bandwidth. 

2.4.2 Available Power Gain of the Lossless CSSDA 

The expression representing the available power gain of the lossless w-stage CSSDA 
is obtained using the schematic diagram in Figure 2.8. For convenience, the FET is 
considered to be loss free and is represented by a simple equivalent circuit model. 
This diagram represents the first stage of the w-stage CSSDA and neglects the associ- 
ated biasing circuitry. As shown, a sinusoidal signal generator having voltage ampli- 
tude of E s is connected at the input of the w-stage CSSDA. 

The output voltage V ol for the first stage of the amplifier is given by 

V„i =g m V gsl Z int (2.34) 
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Because the amplifier is matched to the generator, the voltage swing at the input 
gate capacitance C gs of the first stage is given by 

V gsl =E s /2 (2.35) 

From (2.34), V ol can be written as 

V„i = g m Z i , E 5 /2 (2.36) 

Now, by considering the second stage of the rc-stage CSSDA, illustrated in 
Figure 2.9, the output voltage of this stage is given by 



L g 12 L g /2 




Figure 2.9 Diagram representing the second stage of CSSDA. 
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(2.37) 



It is clear from Figure 2.9 that V ol = V gs2 and therefore V o2 can be written as 



Figure 2.10 shows the last stage of an n-stage CSSDA. It is clear that for a 
matched output load, the current emerging from the drain port of the last stage will 
split equally into the idle drain load on the left-hand side of the artificial transmis- 
sion line and the output drain load on the right-hand side. 

Hence, for the nth stage, the voltage across the output drain load is given by 



V o2 =g m 2 Z int 2 EJ2 

For the (n - 1) stage, the output voltage V o(n l) is given by 
EJ2 



(2.38) 



(2.39) 



V 0 „ =g„(V o(n _ i) /2)Z od 



(2.40) 



Substituting V o(nA) from (2.39) into (2.40) gives 

V on =g m (g m {n - l) z£ 1) Ej4)Z oi =g m "Z^E s Z od /4 



(2.41) 



The output power P o dissipated in the load Z od is given by 



P 0 =v 2 „/z c 



J od 



(2.42) 



Therefore, the output power dissipated in the load can be written as 



L 



L/2 





L d /2 



Ld/2 



Figure 2.10 Diagram representing the last stage of CSSDA. 
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P 0 =gJ"ZT 1) E s 2 Z od /l6 (2.43) 

The input power delivered by the signal generator is 

P m = |^-J jz og = E] /4Z og (2.44) 

where Z og is the characteristic impedance of the gate line. The available power gain 
of an amplifier is defined as 

^ _ Power delivered to load (2 45) 

Power delivered by generator 

From (2.43) and (2.44), the available power gain of n-stage cascaded distributed 
amplifier is 

=g m 2n Z^ n - 1) Z od Z og / 4 (2.46) 

This equation can be expressed as 

G cssda =gJ”ZT 1) (Z ext ) 2 /4 (2.47) 



where Z ext = ^Z od Z og 

It can be noted that G cssda is an exponential function of the number of devices n 
and Z int . In other words, for a given number of devices, the gain can be significantly 
increased as Z int is optimized for higher values. Increasing Z int would boost the volt- 
age swing across the interstages and therefore generate more current at the output 
drain of each FET. 

The power-added efficiency rj of an amplifier is defined as 



n=(i-VG)P out /P m (2.48) 

where P out is the output power dissipated in the load, P in is the amplifier’s dc power 
consumption, and G is the amplifier gain. From this equation, it is clear that a low- 
gain amplifier will have a reduced power-added efficiency. 

2.4.3 Analysis of Interstage Characteristic Impedance on the Lossless CSSDA 

The equivalent circuit diagram representing the two-stage CSSDA using a simplified 
FET model is shown in Figure 2.11. The interstage characteristic impedance net- 
work is represented by the dotted lumped elements. These elements include the out- 
put drain-source capacitance C ds of the first active device and input gate-source 
capacitance C,, s of the second active device. Other lumped elements represent the 
internal artificial transmission line terminated by the load impedance Z mt . 
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Figure 2.12(a) illustrates the interstage characteristic impedance network of the 
cascaded distributed amplifier. This network is delineated into an L-section and 
T-section network, as shown in Figure 2.12(b). It can be shown that if the output 
impedance of the T section is terminated by its characteristic impedance Z oT) then the 
impedance looking into the input of the T section will also appear to be Z oT . Then the 
L section will transform its input impedance Z in to the impedance Z o7 , which termi- 
nates the output T section (property of the L section, see Appendix A). The overall 
network is now terminated properly by its characteristic impedance. However, in 
practice this is not completely achievable, as C ds and C gs are unequal. 

Figure 2.13 shows the simulated performance of the interstage impedance Z in as 
a function of frequency. The magnitude of this impedance tends to fall with an 
increase in frequency above 4 GHz from 80Q to 20Q at 18 GHz. This impedance 
can be optimized to its maximum value to boost the voltage swing at the gate input 
of the active device at each interstage, thus enhancing the overall gain of the ampli- 
fier. The impedance should introduce enough positive gain roll-up slope to compen- 
sate for the active device’s negative gain roll-off slope. 

2.4.4 Output Current of the CSSDA 

When signal power is applied at the input gate terminal of the active device, 
the voltage appearing across its gate capacitance C gs will result in the device’s 



TLFeBOOK 



Principles and Applications of Distributed Amplifiers 



l Cd T 

111 



(a) Interstage network 




L section T section 

(b) Network properly terminated by its characteristic impedance 
Figure 2.12 The interstage characteristic impedance of the CSSDA. 




Frequency (GHz) 

Figure 2.1 3 Performance of the interstage characteristic impedance. 



transconductance g m generating current at the drain terminal. The magnitude of 
this current, at any instant in time, is proportional to the instantaneous voltage 
across C gs . However, some of the injected voltage will drop across the parasitic 
elements of the gate terminal. This is detrimental, especially at high frequencies, as 
the reactance of C gs becomes negligible and the losses dictated by R. become 
dominant. Hence, the gain-bandwidth product of the amplifier will tend to be 
suppressed. 

For the w-stage CSSDA, the current will extensively increase as the stage number 
n is increased, and this is mainly dependent on the optimized value of Z mt . The cur- 
rent at stage 1 (see Figure 2.8) can be represented by 
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I o1 =g m V gsi (2.49) 

At stage 2 (see Figure 2.9), Z mt causes the output current to be boosted, as given by 
1 02 =go,V gs2 =g m 2 Z int E s / 2 (2.50) 



Because V gs2 = V ol 

For the nth stage (see Figure 2.10), the output current is given by 

Ion =gm n Z ( m r r> E s /2 (2.51) 

The output current delivered to a matched load is half the total current pro- 
duced by the last stage of the CSSDA. The other half is completely dissipated by 
the left-hand termination Z od . Equation (2.51) indicates that the output current 
increases as an exponential function of the number of devices n. 

Figure 2.14 shows the relative magnitudes and phase relationship of current 
waveforms in the two-stage CSSDA. The currents I ol , I o2 , and I o3 represent the cur- 
rent signal at the input, intermediate, and output stages, respectively. As can be seen, 
the input current is significantly boosted by the successive stages of the amplifier. 

2.4.5 Output Voltage of the CSSDA 

Voltage swings at the gate terminals of the active devices in the CSSDA are created 
by Z in X I n established at each stage. These voltage signals traveling through the 
various stages of the amplifier will suffer ohmic losses in the FET and the artificial 
transmission line. Figure 2.15 shows the voltage waveform propagating through the 
two-stage CSSDA. Voltages V ol , V o2 , and V o3 represent the voltage signal at the 
input, intermediate, and last stage, respectively. 
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Time (nsec) 

Figure 2.15 Relationship of the voltage signals in the tv 



The waveforms shown in Figures 2.14 and 2.15 are not fully representative of 
the actual signals in the amplifier, as a linear small-signal equivalent circuit model 
representing the FET is used in the analysis. 

2.4.6 Lossy CSSDAs 

In Section 2.4.2, the lossless CSSDA was analyzed in terms of the simplified unilat- 
eral model of the FET. The results of this analysis, in practice, will not accurately 
predict the performance of the amplifier in terms of available power gain and band- 
width, especially at higher frequencies, as the parasitic losses associated with the 
active devices and the artificial lines become dominant. 

As an example, the full model of the nonunilateral HJ-FET (NE32584C), pre- 
sented in Section 2.2, is now used in the design of a two-stage CSSDA. The 
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performance of this amplifier is shown in Figure 2.16. In comparison with the previ- 
ous result of the lossless two-stage CSSDA (see Figure 2.7), S 21 is about 5 dB lower. 
This shows the real effect of the parasitic elements of the HJ-FET on the perform- 
ance of the CSSDA. 

In this section, the effect of the three most significant elements of the 
active device (i.e., R„ R ds , and C gd ) on the two-stage CSSDA are examined in 
terms of the available power gain S 21 , input return loss S n , output return loss S 22 , 
and NF. 

2.4.6. 1 Effect of the Input Cate-Source Resistance 

The input gate-source resistance R, is the intrinsic active device element on the gate 
line, which mainly affects the amplifier’s available power gain. Its effect is frequency 
dependent due to the reactance of the input gate-source capacitance C gs . The 
magnitude of this capacitance is high at low frequencies and low at high frequencies, 
which causes most of the input signal voltage to drop across R, at high frequencies. 
As the output drain current g m V gs depends on the device’s transconductance and sig- 
nal voltage drop across C gs , this means that the device’s available power gain will 
progressively degrade as more and more of the input signal voltage drops across R r 
The effect of R on the two-stage CSSDA is characterized by the simulation results in 
Figure 2.17. As shown, at high frequency the available power gain S 21 of the ampli- 
fier decreases as R i increases. This effect appears to be very small at low frequencies, 
whereas at high frequencies, its effect becomes more significant. It also indicates 
that as R, decreases, the amplifier bandwidth increases until it is limited by the cut- 
off frequency of the transmission lines. 

The input gate-source channel resistance R, also affects the return loss S n at cer- 
tain high frequencies. This is because it mainly influences the input matching of the 
device so that the gate terminating impedance Z og no longer perfectly terminates the 
gate line. R, has negligible effect on output return loss S 22 . The typical value of R, for 
low noise devices is constrained to 1-1 OQ. 
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Figure 2.1 7 Effect of the input gate-source resistance on two-stage CSSDA. 
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2.4. 6. 2 Effect of the Output Drain-Source Resistance 

The output drain-source resistance R ds acts as a shunt loss across the output of the 
active device. R ds is frequency independent, and it mainly affects the output drain 
current, such that if R ds reduces, more current will be diverted away from the output 
drain terminal to therefore suppress the output signal. Figure 2.18 shows the effect 
of R ds on the two-stage CSSDA. It shows that the available power gain response for 
the two R ds values shown varies almost uniformly with one another over the entire 
0- to 18-GHz frequency bandwidth. R ds has a negligible effect on the input match of 
the active device; however, it affects the output return loss S 22 of the amplifier 
because it influences the amplifier’s output matching network. The typical value of 
R ds for low noise devices is constrained to 100-200Q. 

2.4.6. 3 Effect of the Feedback Gate-Drain Capacitance 

The gate-drain channel capacitance C gd exists between the input gate terminal and 
output drain terminal. This capacitance feeds back some of the output current g m V gs 
into the input gate terminal. It causes gain variations with increasing frequency. 
This capacitive element is frequency dependent, and it severely affects the amplifi- 
er’s performance, especially at high frequencies. Figure 2.19 shows the effect of C gd 
on forward and reverse gain. Figure 2.20 shows the effect of C gd on input and out- 
put return loss, and Figure 2.21 shows the effect of the C gd on the noise figure of the 
two-stage CSSDA. The effects of the other parasitic elements, such as inductances 
L g , L s , and L d , are negligible compared to the above parasitic elements R, R ds , 
and C,. 

2.4.7 Characteristic Features of CSSDA 

From the above analyses, we can deduce several advantages and disadvantages of 
the CSSDA. 
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Frequency (GHz) 

Figure 2.19 Effect of the feedback gate-drain capacitance on the forward and reverse gain of the 
two-stage CSSDA. 




Figure 2.20 Effect of the feedback gate-drain capacitance on the input and output return loss of 
the two-stage CSSDA. 
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2.4. 7.1 Advantages 

The advantages of the CSSDA include: 



1 . The available power gain G cssda of the CSSDA configuration is significantly 
higher than that produced by the TWDA using the same number of active 
devices. The gain can be increased by increasing the number of devices n, 
and, unlike the TWDA, the CSSDA is not restricted to an optimum number 
of active devices. 

2. With the CSSDA configuration, a flat gain, good input-output isolation, 
good input/output return loss, and good group delay is achievable for broad 
bandwidth performance. 

3. Unlike the TWDA, the phase velocity equalization is unnecessary for the 
CSSDA because the total output current is independent of the phase 
coherence of the individual current generators. 

4. The CSSDA module costs less than the TWDA, as fewer active devices are 
needed to achieve a given gain requirement. 

5. The CSSDA is relatively simple to implement in practice. 

6. The CSSDA boasts ease of matching, as it only requires matching of the first 
stage to the 50-Q source impedance and the last stage to the 50-Q load 
impedance. In addition, the interstages do not require 50-Q matching. 
Therefore, the device can be optimized to boost the overall available power 
gain of the amplifier. 

7. The CSSDA configuration does not require isolators in order to cascade 
subsequent amplifier stages, as is the case in broadband amplifiers such as 
the reactively matched amplifier. 

2.4. 7.2 Disadvantages 

The disadvantages of the CSSDA include: 

1. Unlike the TWDA, this particular CSSDA configuration is incapable of 
delivering a good output power level because some of the power delivered by 
the last stage is dissipated by the idle drain termination impedance. 
However, this limitation is overcome by the reactively matched CSSDA 
configuration described in Chapter 6. 

2. The CSSDA circuit is relatively sensitive to component tolerances, either 
active or passive. 

3. It requires complicated biasing networks, as each stage has to be isolated and 
biased individually. 

4. It is very sensitive and prone to oscillation, especially when designed for very 
high gain levels due to coupling occurring between the adjacent stages. This 
problem can be avoided by employing a substrate of high dielectric constant 
to minimize the coupling b7etween the stages, as the majority of the 
electromagnetic field will be confined within the microstrip medium. 
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These limitations of the CSSDA configuration are overcome by employing reac- 
tive matching, as described in Chapter 6. This configuration is referred to as 
CRTSSDA. 



2.5 Other Applications of Distributed Amplifiers 

The versatility of the TWDA and CSSDA configurations makes this genre of ampli- 
fiers useful for performing several other circuit functions. 

2.5.1 Applications of TWDA 

2.5.1 .1 Power Combiner and Splitter 

Levy, et al. [9], proposed and practically demonstrated an active power combiner 
using a distributed amplifier concept. The circuit was comprised of two gate lines 
and a common drain line actively coupled by FETs, as illustrated in Figure 2.22(a). 
This combiner operates across a band of 2 to 18 GHz. The gain per channel 



RF input — ► 



Drain-line 

termination 



RF input — ► 



Gate-line inductances 




Drain-line inductances 




Gate-line 

termination 



RF output 



Figure 2.22 Basic diagram of active combiner and splitter circuits. 
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achieved was 2 dB for a configuration with four FETs with about 20-dB channel-to- 
channel isolation and a noise figure of about 9 dB. The same technique was used by 
Robertson and Aghvami [10]. 

It is similarly possible to create a distributed active power splitter, as illustrated 
in Figure 2.22(b). Like the combiner, the splitter consists of two independent 
distributed amplifiers that have a common input realized as constant-^ filter net- 
work. In this case, the common input is the gate line. Each channel of the distributed 
power splitter shown uses two FETs. Ito [11] has described a similar wideband 
device whose input gate line is formed using a bridged-T lowpass filter network, as 
illustrated in Figure 2.23. This network has the added advantage of providing vari- 
able characteristic impedance without affecting the cut-off frequency by simply 
changing the central bridging inductance. This feature can be used to improve the 
gain and input VSWR without eroding the bandwidth. The distributed power split- 
ter exhibited a gain of about 1.8 dB and input/output VSWR of less than 2:1 over 0.5 
to 26.5 GHz. The active combiner and splitter provide an attractive alternative to 
the conventional Wilkinson or other planar power dividers in terms of gain, 
isolation, and size. 

2.5. 1.2 Circulator 

In Section 2.3.1, it was shown that the distributed amplifier, in addition to provid- 
ing forward gain, also has the property whereby some of the power is coupled to the 
idle drain port, which gives rise to reverse gain. In a well-designed distributed 
amplifier, the reverse gain is much less than unity over almost all of the bandwidth, 
and the distributed amplifier can be considered a four-port active directional 
coupler with the usual directional coupler property of fourth-port isolation. Thus, 
this device can be used as an active circulator, as illustrated in Figure 2.24. 
The operation of the active circulator is quite simple, as signal power fed into 
port 1 emerges from port 3 after forward amplification and isolation is provided 

Drain-line inductances 

RF output 
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RF input 




Figure 2.23 Two-way distributed active power splitter. 
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Port (3) Antenna 
Figure 2.24 Basic diagram of an active circulator. 



between port 1 and port 2. Power fed into port 3 is fed directly to port 2. As an 
example, a transmit signal could be connected to port 1, an antenna to port 3, and a 
receiver to port 2. A matched termination is connected to port 4. Leisten, et al. [12], 
first showed the feasibility of using a distributed amplifier in a duplexer/circulator 
role across the S band. Useful gain of about 6 dB was measured in the S 34 direction, 
and 7.5 dB was measured in the S 21 direction, with 10-dB isolation between S 31 . 
The same principle has been extended by Byrne and Beyer [13] using CAD 
techniques. They have optimized the performance to give a directivity of greater 
than -30 dB over the 2.5- to 6.5-GHz band; however, no experimental results are 
provided. 

2.5.1 .3 Active Frequency Multiplier 

Pavio, et al. [14], have demonstrated the concept of a frequency multiplier using the 
distributed amplifier. The design is based on a balanced drain line output, which 
effectively suppresses the fundamental frequency. The multiplier, illustrated in 
Figure 2.25, was realized in monolithic form using four FETs, where one pair of 
FETs is connected in a common gate configuration while the other pair is connected 
in a common source configuration. This arrangement provides the required 180° 
phase difference at the fundamental, which transforms to 360° at the second 
harmonic. The common input transmission line of impedance Z o is connected to the 
source and gate of each pair of devices. The two output drain lines of impedance 2Z o 
are summed at a common node to cancel the fundamental signal and maximize the 
second harmonic. This relationship is maintained over an octave. With an input 
power of 18 dBm over the 5- to 9-GHz band, the second harmonic output (10 to 18 
GHz) varied from 8 to 6 dBm while the fundamental output change was only 0 to 
3 dBm. 
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Drain-line inductances 




Figure 2.25 Basic diagram of an active frequency multiplier. 



RF output 



2.5. 1.4 Active Mixer 

The principle of using a distributed amplifier as a distributed mixer was first sug- 
gested by Tang and Aitchison [15, 16]. They combined the local oscillator (LO) and 
radio frequency (RF) signals into the same input by using an external coupler. Both 
LO and RF signal are propagated down the gate line, whereas the intermediate fre- 
quency (IF) propagates along the drain line. It is necessary to arrange the phase con- 
stant at the IF frequency in the drain line to be equal to the difference between the 
phase constants of the signal and local oscillator frequency in the gate line. This 
yields a very broadband mixer with some gain. With only two MESFETs, the input 
signal was converted to an IF of 10 MHz over the 2- to 10-GHz signal band with a 
conversion gain of 1 dB. Increasing the IF to 1.5 GHz reduced this to -4 dB over the 
same signal band. This approach, however, is not practical in many systems, as the 
size of the broadband coupler outweighs any size reduction obtained by the mixer. 
In addition, it requires more LO power to overcome coupling losses and exhibits 
degraded LO to RF isolation performance, compared to other designs. 

The same technique has been investigated by other workers. For example, How- 
ard and Pavio [17] used the inherent isolation in a dual -gate FET to overcome the 
need for the external coupler and obtained similar broadband mixing performance. 
This is an attractive technique for implementing the mixer using MMIC, but the 
noise figures achieved have been unsatisfactory. An improved conversion gain per- 
formance was obtained by Robertson and Aghvami [10], who obtained a 3-dB con- 
version gain over the 2- to 12-GHz band with an 11-dB NF at an IF between 100 
MHz and 1 GHz. The technique used here is to employ an active distribute signal 
combiner at the input of a single-gate FET mixer, as illustrated in Figure 2.26. The 
active combiner consists of two distributed amplifiers sharing a common drain line. 
In this configuration, the RF and LO current generators pass independent currents 
into the drain line, and in small-signal conditions the signals add by superposition. 
The measured third-order two-tone intermodulation products output intercept 
point is -10 dBm, and the conversion gain 1-dB compression point occurs at -4 dBm 
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Figure 2.26 Basic diagram of an active mixer. 



IF output. These levels are comparable to conventional double-balanced diode mix- 
ers using the same LO power. A major advantage of this active combiner approach 
is that the combiner gain lowers the overall noise figure. Also, the output impedance 
at the IF frequency is reasonably low and easier to match. 

2.5.1 .5 Active Impedance Transformer 

Cioffi [18] showed that the distributed amplifier can be used as an impedance trans- 
former. Thus, to transform from 50 InQ. to 50Q, he proposed that n 50-Q gate lines 
in parallel feed the one 50Q drain line via the FETs, as illustrated in Figure 2.27(a), 
thereby achieving a wideband transformation from a low impedance to 50Q. As 
shown, each gate line feeds the input signal to an alternate FET. Conversely, imped- 
ance reduction from 50Q downwards can be obtained by using one 50-Q gate line 
that feeds n 50-Q drain lines via the FETs, as illustrated in Figure 2.27(b). Here, the 
drain terminal of the successive FETs is attached to alternate drain lines. The output 
drain lines are paralleled to give an output impedance of 50/raQ. He describes the 
results of a distributed amplifier transformer, which transforms from 50Q at the 
input to 25 Q at the output. The structure operates from 2 to 20 GHz and has a gain 
of 10 dB with input return loss of better than 10 dB and output return loss (with 
respect to 25Q) of 10 dB. 

2. 5. 1.6 Multidecade Oscillator 

Skvor, et al. [19], first proposed a way to modify the distributed amplifier into a tun- 
able oscillator. This was achieved by omitting the idle drain load and connecting the 
drain line directly to the amplifier’s input, as illustrated in Figure 2.28. This 
approach makes use of the distributed amplifier’s reverse gain to form an oscillation 
loop. The proposed arrangement had seven active devices in a nine-stage configura- 
tion to provide a decade-wide electronically tunable range. This was only possible 
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Figure 2.27 Basic diagram of an active impedance transformer. 




Figure 2.28 Basic diagram of the distributed oscillator. 
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by differentially biasing in a sequence one pair of FETs. Divina and Skvor [20] 
experimentally verified the distributed oscillator at 4 GHz. The oscillator was capa- 
ble of being tuned over the range 1 to 3.5 GHz with output power variation of 3 to 
1 1 dBm. The oscillator exhibited a very good spectral purity and very good suppres- 
sion of second and third harmonics. 

2.5.1 .7 Power-Distributed Amplifier 

A power-distributed amplifier is simply a distributed amplifier in which power 
GaAs MESFET devices are used instead of the small-signal GaAs MESFET devices. 
A characteristic of power GaAs MESFETs is that the gate to source capacitance is 
larger than that of small signal GaAs MESFETs; hence, an artificial transmission 
line constructed from power devices will have a lower cut-off frequency for a given 
size chip. In practice, power GaAs MESFETs are likely to be arrays of lower power 
devices and consequently will be physically larger than the small signal device; 
again, this results in a reduction in cut-off frequency. 

The power-distributed amplifier also needs to have high power-added efficiency 
as well as a good C/I. The expression in (2.48) indicates that operating an amplifier 
at low gain will reduce the power-added efficiency. 

The carrier-to-intermodulation product ratio is determined by the intermodula- 
tion behavior of the amplifier. As the transconductance nonlinearity predominates 
in the distributed amplifier, an improved output is obtained by subdividing the gate 
line into two halves while maintaining a common drain line, as demonstrated by 
Ayasli, et al. [4], He obtained 25 dBm with 4 dB of gain over the 2- to 18-GHz band 
with a monolithic distributed amplifier. The power-added efficiency varied between 
7% and 14% and the third-order modulation intercept point was 34 dBm. Ayasli, et 
al. [21], also proposed an alternative technique, which reduced the effect of gate- 
line loss and nonlinearity, whereby the MESFETs are coupled to the gate line 
through series capacitors, as illustrated in Figure 2.29. The advantage of this 
arrangement is that the gate is more loosely coupled to the gate line, so the gate line 




Figure 2.29 Distributed amplifier with gate capacitors. 
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is less lossy. At the same time, the gate voltage swing is reduced, that results in a 
diminished nonlinear effect but this is at the expense of the amplifiers gain. A design 
using this principle gave 30 dBm over 2 to 8 GHz in a monolithic circuit with a 5-dB 
gain and power-added efficiency of between 5% and 8%. 



2.6 Potential Applications of CSSDA 

2.6.1 Oscillator 

The CSSDA configuration can be made to behave as an oscillator when its output is 
connected to the input through a phase shifter. The phase shifter can be imple- 
mented using lumped elements or an appropriate length of transmission line equiva- 
lent to 180° at f o . Figure 2.30 illustrates the oscillator configuration. 

2.6.2 Optical Driver 

The rapidly emerging area of long-haul optical communications requires transmis- 
sion of data at high rates (i.e., 10 Gbps and 40 Gbps) using driver amplifiers that can 
operate from 30 kHz to 12 GHz and 30 kHz to 40 GHz. In addition, these amplifiers 
have to fulfill requirements of high output power and high power-added efficiency. 
Figure 2.31 shows an example where the CSSDA is used as a broadband driver 
amplifier to modulate an optical modulator (see Chapter 8 for more information). 

2.6.3 Optical Receiver 

Figure 2.32 shows a schematic diagram of the front end of an optical receiver. An 
optical receiver is normally based on two elements — the front-end optical detector 
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Optical signal 



Figure 2.31 CSSDA as driver amplifier for optical modulators. 




and the preamplifier. The CSSDA configuration is capable of being used as a 
preamplifier, as it can offer high gain (making an optical receiver very sensitive to 
weak signals) as well as good phase linearity and low noise figure. The two elements 
have to be matched to the 50-Q input and output impedance. The bandwidth for 
such a preamplifier has to be extended down to low frequency (30 kHz). In this case, 
a special biasing technique is implemented so that the alternating current (ac) signal 
is isolated at low frequency as well as at high frequency. 
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3.1 Introduction 

The development of high-performance multioctave microwave amplifiers is 
directly related to the availability of suitable active devices. Advances in semicon- 
ductor materials and fabrication technology, combined with the stringent require- 
ments of the commercial and military microwave systems market for increased 
frequency, efficiency, power, and lower noise performance, have resulted in the 
dramatically improved active devices available today. The two most important and 
commonly used active devices for broadbandwidth applications are the GaAs 
MESFET and the high-electron mobility transistor (HEMT). The current genera- 
tion of the state-of-the-art pseudomorphic high-electron-mobility transistors 
(PHEMTs) bears only a faint resemblance to the GaAs MESFETs that are available 
today. In particular, the DPHEMT structure is capable of delivering high current 
densities of 300 to 325 mA/mm, possess transconductance of 350 mS/mm, and 
provide power density of up to 1 W/mm and power-added efficiencies of 50% up 
to 18 GHz. A typical 28-dBm DPHEMT device exhibits a power gain of more than 
1-dB compression point at a frequency of 18 GHz. This chapter briefly reviews the 
structure and the basic operation principles of these devices. It provides the neces- 
sary background information that is important for the understanding of these 
devices and their inherent limitations. 



3.2 The GaAs MESFET — Structure and Operation 

The cross-sectional view of the GaAs MESFET is shown in Figure 3.1, where the 
chief attribute is the use of a metal-semiconductor Schottky contact for the gate, 
rather than a metal-oxide-semiconductor (MOS) structure, which is used in the 
MOSFET device. This “oxideless” approach minimizes the device’s gate-to-source 
capacitance, which would otherwise degrade the high-frequency gain performance. 
The Schottky contact’s built-in voltage, with the application of a bias voltage on the 
gate and drain contacts, creates a depletion region below the gate contact, which is 
shown by the shaded area in Figure 3.1. This region, which is depleted of the 
majority-carrier electrons, modulates the drain-source channel current to give rise 
to the transconductance effect, which is described by [1] 



51 



TLFeBOOK 



52 



Device Structure and Mode of Operation 



AuGe/Ni/Au alloy 



contacts 



Source li/Pt/Au 

contact recessed 





Drain 

contact 




gate 



N + + contact layer 



N + GaAs active layer 



N buffer layer 



Figure 3.1 Cross-sectional view of the GaAs MESFET structure shows the depletion region below 
the gate. 



g m = intrinsic device transconductance; 
h d = depletion-layer depth; 
w = gate width; 

e s — semiconductor dielectric constant; 
v sat = saturated carrier velocity. 

As with the MOSFET nomenclature, gatewidth w is defined as being perpen- 
dicular to the current flow while the gate length l g is the shortest gate dimension, 
which is parallel to the current flow. For high-frequency amplifier applications, a 
useful figure of merit is the unity-current-gain frequency f T . For the MESFET, this 
parameter is given by 



where C gs = gate to source capacitance 

At frequencies above f T , the current through C gs is greater than that produced by 
the transconductance; therefore, f T represents a fundamental high-frequency limit. 
The gate-source capacitance is given by the expression [1]: 



g m = W£ s V sat/ h d 



(3.1) 



where 



/t =g m / 2 nC gs 



(3.2) 



C 



< gs s wej g /h d 



(3.3) 



Therefore, f T can be expressed in terms C gs and g m as 



fr 




(3.4) 
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For optimum high-frequency performance, the device designer must either 
increase the saturated carrier velocity or decrease the gate length. The saturated car- 
rier velocity is a fundamental attribute of the semiconductor that cannot be signifi- 
cantly increased unless a different semiconductor material is used. The gate length 
can be reduced; however, after a certain point, the advanced lithography-process 
technologies and their inherent costs become the limiting design factor. 

Optimization of the MESFET for maximum RF output power requires the 
device to be capable of sustaining large peak -voltage and current amplitudes. A 
typical MESFET current versus voltage (I— V) characteristic shown in Figure 3.2 
illustrates that with a positive gate bias, the MESFET can conduct current levels of 
15% to 20% above the saturated drain-source current I dss . This maximum current is 
denoted as I dssm , whereas I dss is measured at zero gate-source bias. The transition 
from the linear operating region to the current saturation region occurs at drain-to- 
source voltage above the knee voltage V k . The highest voltage that can exist between 
the drain and the source is the gate-to-drain breakdown voltage V gdB minus the 
pinch-off voltage V p . This maximum voltage will be reached only as the drain cur- 
rent approaches zero. The drain-to-source voltages below should be avoided 
because they imply high microwave losses in the nonsaturation region. 

Load-line analysis, based on this family of characteristic curves, can be used to 
determine the dc quiescent operating point and hence the mode in which the device 
is operated (see Chapter 5 for further information). The load line connects the point 
of maximum operating current (at V ds = V k and I ds = I dss ) to the point of maximum 
voltage (at V ds = V gdB - V p , and I ds = 0), as shown in Figure 3.2. Hence, the corre- 
sponding RF output power is approximately [2] 

P rf =I pp V pp/ S ( 3 . 5 ) 




Figure 3.2 GaAs MESFET drain-source current versus drain-source voltage characteristics. 
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where 



I pp is the peak-to-peak current amplitude (I , 'I 
V pp is the peak-to-peak voltage amplitude (V giB - V p ) 

The RF output power obtainable from this device can be increased by increas- 
ing the doping in the active-layer in order to raise I dss and I dssm . However, by doing 
this the breakdown voltage is decreased, which makes the device vulnerable to fail- 
ure more easily. Consequently, the only option is to scale the MESFET so that it has 
a large total gate width. The scaling of MESFET in order to achieve high output 
power results in the increase of the device’s intrinsic parasitics, and this is the main 
factor causing the degradation of the bandwidth, power-added efficiency, and gain 
performance [3]. A typical MESFET capable of delivering 1-W output power at the 
1-dB gain compression point has a total gate periphery of 2,800 to 3,200 /urn with 
an I dss of 600 to 800 mA. 



3.3 HEMT-based Devices — Structure and Operation 

3.3.1 HEMT 

The HEMT device, which was first introduced about the mid 1970s [4, 5], retains 
the basic external design attributes of the traditional MESFET. However, the 
intrinsic physics and electrical characteristics of these two devices are dramatically 
different. The HEMT device achieves superior high-frequency performance by not 
only employing alternate semiconductor materials, but by also using the semicon- 
ductor heteroj unction [6]. Prior to 1980, most semiconductor devices used single- 
material structures formed with either silicon or GaAs. Advances in material- 
growth technology, such as molecular-beam-epitaxy (MBE) systems, led to the fab- 
rication of devices composed of different combinations of semiconductors. The 
junction formed between two semiconductors [7] in intimate contact possesses spe- 
cial qualities, one of which is the ability to confine charge carriers (electrons, in this 
case) in an extremely thin sheet. Under certain conditions, the confined electron 
layer will exhibit quantum effects and the term two-dimensional electron gas 
(2-DEG) is sometimes used to describe this confined-carrier layer. Figure 3.3 
shows a simplified HEMT structure that is formed by using an AlGaAs/GaAs 
heteroj unction. 

The charge carrier confinement phenomenon can be explained by observing 
Figure 3.4. The valence band is omitted for simplicity, as the HEMT structure is a 
majority (electron) carrier device. The energy-band diagram is shown along a line 
drawn from the gate electrode into the device substrate. The Fermi level is the energy 
level in which the probability of finding an electron is exactly one-half, and because 
carriers do not exist below the conduction band, the separation of the conduction 
band from the Fermi level indicates the relative electron density. It can be noted in 
Figure 3.4 that the AlGaAs layer in contact with the gate electrode is depleted of 
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Figure 3.3 Cross-sectional view of the HEMT structure. 
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Figure 3.4 The HEMT's conduction-band discontinuity supports an accumulation of electrons in 
a thin sheet adjacent to the heterojunction. This accumulation layer is the 2-DEG, while the drain- 
source current flows in the x direction. 



carriers (the conduction band above the Fermi level), while there is a large accumu- 
lation of carriers on one side of the heteroj unction (the conduction band below the 
Fermi level). 

The large conduction-band discontinuity at the heterojunction is due to the 
difference in bandgap energy between AIGaAs and GaAs. In practice, HEMT 
devices are fabricated with a 20% to 30% aluminum mole fraction (instead of 
pure AIGaAs) in order to avoid excessive crystalline mismatch effects. With 
this concentration of Al, the conduction-band discontinuity is approximately 0.2 
to 0.3 eV. 

The HEMT structure exhibits higher intrinsic transconductance g m for two rea- 
sons. First, the current flow occurs in undoped GaAs, which has higher mobility 
and greater saturated carrier velocity. Second, the carriers are much closer to the 
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gate electrode. As a further refinement, there is a thin undoped AlGaAs layer on one 
side of the heteroj unction in order to physically isolate the 2-DEG from the ionized 
dopant atoms in the AlGaAs. The HEMT represents an improvement over the 
MESFET, as demonstrated by the device performance shown in Table 3.1. 

The transconductance expression for a HEMT is similar to that of a MESFET, 
except for the substitution of the depletion layer depth h d with the term ( d + Ad), 
which represents the total thickness of the AlGaAs layer, and is given by [7] 

g m = v^useJid + Ad) (3.6) 

The HEMT could be improved further because these devices still have a number 
of unresolved problems [8], For example, the electrons have to surmount the hetero- 
junction energy barrier in order to flow into the ohmic contacts. This produces addi- 
tional parasitic resistance, which decreases the extrinsic device transconductance. In 
the HEMT, the 2-DEG layer charge density is partially determined by the doping in 
the AlGaAs layer below the gate. Higher current density in the 2-DEG requires 
greater doping density, with the subsequent degradation of the device’s breakdown 
voltage. 

In a HEMT, as in a MESFET, the gate length greatly influences the maximum 
operating frequency of the device. Gate lengths of 0.15 /urn allow operation up to 
frequencies as high as 94 GHz, but for lower frequency applications, a large gate 
periphery is required. A compromise is made between the improved performance of 
short gates and higher yields possible with longer gates. For most applications of up 
to 20 GHz, for example, gates of 0.25 to 0.5 p lengths are preferred. While 
reduced gate length is needed for best high-frequency performance, care must be 
taken to ensure that the gate series resistance remains acceptably low. One solution 
to lower gate series resistance is the use of a mushroom structure gate, as shown in 
Figure 3.3. The mushroom gate has another benefit as well, that is under RF drive, 
appreciable gate current can flow through the device. If the current density is exces- 
sive, electromigration of the gate metal will occur, but the large cross-sectional area 
of the mushroom gate reduces the gate current density. 

3.3.2 SPHEMT 

A wide range of alternative semiconductor materials and combinations has been 
studied over the last decade in an effort to optimize the device performance. One of 



Table 3.1 Summary of Materials-Related Device Performance 


Device Type 


Gate 

Length 

(um) 


Saturation 

Velocity 


I Jss 

(mA/mm) 


I dani 

(mA/mm) 


Device 

Transconductance g m 
(mS/mm) 


f(GHz) 


GaAs MESFET 


0.5 


6.9 J 10* 


170 


200 


250 


22 


HEMT 


0.5 


7.5 x 10 6 


120 


180 


290 


30 


HEMT 


0.25 


6.3 x 10 6 


220 


380 


320 


40 


SPHEMT 


0.25 


7.8 x 10 6 


200 


450 


500 


50 


DPHEMT 


0.25 


7.8 x 10 6 


310 


600 


425 


35 
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Figure 3.5 The SPHEMT structure is formed with a combination of AIGaAs and InGaAs layers. 



the best materials that has emerged is the AlGaAs/InGaAs combination [9], as 
shown in Figure 3.5. The use of the InGaAs as the conducting or channel layer pro- 
vides an even larger conduction band discontinuity, which maximizes electron 
transfer from the AIGaAs layer into the 2-DEG. In addition, the undoped InGaAs 
layer exhibits very high saturation velocity (i.e., as fast as 1.0 x 10 7 cm/s, versus 5 x 
10 6 to 7 x 10 6 cm/s for the MESFET). The InGaAs and GaAs crystalline structures 
are slightly mismatched by approximately 1 % so that the channel layer is kept thin. 
Due to this mismatch, the term SPHEMT is used. A thin sheet of dopant atoms 
deposited in the AIGaAs layer can be optimized for higher breakdown voltage. The 
basic SPHEMT energy band diagram shown in Figure 3.6 is similar to that of the 
HEMT containing a single 2-DEG layer. 




Gate N + doped A Undoped Undoped 

metal AIGaAs InGaAs P-GaAs 

Undoped 
AIGaAs spacer 



Figure 3.6 The SPHEMT's energy band diagram demonstrates the device's AlGaAs/InGaAs 
bandgap energy difference, which permits a larger conduction band discontinuity than that of 
the HEMT. 
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3.3.3 DPHEMT 

In order to enhance the current and power density, the SPHEMT structure is modi- 
fied to make use of both heterojunctions, which is accomplished by adding another 
AlGaAs doping layer, as shown in Figure 3.7. In this configuration, the gate elec- 
trode modulates two parallel conducting 2-DEG layers. The DHEMT [10, 11] is the 
basis of a new class of much improved high-performance device, in terms of power, 
gain, and efficiency. 

In the DPHEMT, the carriers are introduced into the InGaAs channel by doping 
the AlGaAs on both sides of the InGaAs. This results in high channel current and 
hence high power-handling capability. Planar doping, or the placement of a thin 
plane of silicon dopant atoms, at the upper AlGaAs/InGaAs heteroj unction provides 
additional electrons to the channel. This also allows lower doping to be used in the 
AlGaAs donor layer, which enhances breakdown voltage. 

A comparison of the related material parameters of these devices, given in 
Table 3.1, clearly shows that the DPHEMT device provides a substantial improve- 
ment in I dss and I issm characteristics over other devices. In particular, this class of 
devices is capable of achieving typically 1 W/mm power density with a nominal 
operating drain source voltage of V ds = 8V. The additional advantage of the 
DPHEMT device is that in low-voltage-power applications, such as 3V, high current 
density can still be achieved. 

The enhanced power density has other performance implications. For example, 
smaller gate width devices can be employed to achieve a desired output power, as the 
input impedance is higher. Higher input impedance permits a lower transformation 
ratio in the matching circuit, which results in a higher gain bandwidth product. 

In order to realize high output power from the DPHEMT device, a large number 
of gate fingers are required to be combined [12]. The topology of the large power 
DPHEMT devices is critical, as it determines not only the RF performance but also 
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Figure 3.7 The DPHEMT contains dual 2-DEC layers on opposite sides of the InGaAs channel. 
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the thermal characteristics, and hence the long-term reliability of the device. For 
a large-power DPHEMT device, the topology design depends on the following 
considerations. The power requirement, from which the total gate width can be 
determined, is based on the power density expected for that channel design. An 
interdigitated device layout with many parallel gate fingers is the most space- 
efficient layout. In general, the gate finger lengths are made to be as long as possible, 
in order to minimize the number of fingers and resulting overall device width. 

Table 3.2 highlights the typical performance comparisons between the GaAs 
MESFET, SPHEMT, and the DPHEMT devices and shows the higher output power 
capability of the DPHEMT devices. 

The fundamental current control mechanism in the DPHEMT differs signifi- 
cantly from that of the GaAs MESFET [13]. The two devices, in fact, exhibit many 
extrinsic similarities, but there are several important differences. The main ones are 
the device I-V and transconductance characteristics. Figure 3.8 shows the I-V char- 
acteristics for the DPHEMT device. The most striking attribute of the DPHEMT is 
that the device’s I dssm is typically twice the I dss value. By contrast, the MESFET might 
exhibit an I dssm that is 15% to 20% greater than I dss under the same forward gate 
bias. With both devices, the maximum forward gate bias that can be applied is 
approximately +1.0V (to avoid driving the gate into forward conduction). There- 
fore, for accurate first-order predictions of power performance, optimum load line, 



Table 3.2 Device Performance Comparisons 

Device Type Gate Length Power-Added Power Gain Power Density 

Qim) Efficiency (%) (dB) (W/mrn) 

GaAs MESFET 0.5 25-10 3-5 0.35 

SPHEMT 0.25 50-70 10-12 0.4-0.6 

DPHEMT 0.25 60-70 8-10 0.85-1.0 




Figure 3.8 DPHEMT drain-source current versus drain-source voltage characteristics. 
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and selection of a suitable quiescent bias point, the user of the power DPHEMT 
devices should observe the relationship l dssm = 2l dss . 

Figure 3.9 shows the optimum RF output load impedance required in order to 
achieve the maximum output power and hence efficiency from a particular device. 
The arrows point to the I dss current corresponding to the device. It must be noted 
that as the output power depends on the RF load presented, and the RF load is a 
function of the operating frequency, hence there are instances when the output 
power may be lower than the expected maximum case [14-17]. 

Table 3.3 shows a comparison of the device performances of some common 
commercially available and compatible devices. It clearly indicates the superior per- 
formance that is achievable, in terms of gain, power-added efficiency, and upper 
operating frequency, with the first four devices (i.e., FPS200, FPD200, FP6836, and 
FP6872). However, FP1500 and FP3000 outperform the other devices in terms of 
power. The FPS200 is a 200-/um gate width SPHEMT device designed for low noise 
amplifier applications. The DPHEMT device FPD200 (200 /urn), FP6836 (360 /<m), 
FP6872 (720 /<m), FP1500 (1,500 m), and FP3000 (3,000 fim) are designed for 
power amplifier applications. The FP1500 and FP3000 devices are designed for 
applications of up to an octave, whereas the FPS200, FPD200, FP6836, and FP6872 
have been designed for multioctave bandwidth applications. All of these devices 
have gate lengths of 0.25 /<m. Hence, the following devices were selected for the 
broad bandwidth amplifier designs presented in Chapter 6: FPS200, FPD200, 
FP6836, and FP6872. 
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Table 3.3 Device Performance Characteristics 



Device Type 


Frequency 
Range (GHz) 


Gain ( dB ) 


Power (dBm) 


Power-Added 
Efficiency (%) 


Manufacturer 


LPS200 


1-35 


8.5 1 


10 


N/A 


Filtronic 


LPD200 


1-40 


11. 0 2 


21 


60 


Filtronic 


LP6836 


1-30 


8.0 2 


25 


55 


Filtronic 


LP6872 


1-35 


8.0 2 


27 


55 


Filtronic 


LP1500 


1-25 


7.0 2 


31.5 


50 


Filtronic 


LP3000 


1-25 


4.0 2 


33.5 


45 


Filtronic 


FHX35X 


1-20 


7.0 1 


13 


25 


Fujitsu 


CF003-02 


1-26 


4.0 2 


20 


20 


Celeritek 


CF003-03 


1-26 


5.0 2 


20 


20 


Celeritek 


MWT-3 


1-26 


7.0 2 


20 


30 


Microwave technology 


MWT-6 


1-18 


6.0 2 


26 


30 


Microwave technology 


MWT-9 


1-18 


6.0 2 


26 


30 


Microwave technology 


MWT-15 


1-26 


6.0 2 


24 


30 


Microwave technology 



1. Associated gain at optimum NF, measured at 18 GHz. 

2. Power gain, device tuned for optimum power at 18 GHz. 



3.4 Summary 

The SPHEMT and DPHEMT devices are far more superior to the conventional 
GaAs MESFET devices in terms of providing high-frequency performance 
amplifiers with substantially improved gain, output power, and power-added effi- 
ciency. The pseudomorphic HEMT structures utilize the AlGaAs/InGaAs hetero- 
junction, rather than the AlGaAs/GaAs combination that is employed in the case of 
the HEMT device. 

The DPHEMT devices exhibit I-V characteristics that are quite different from 
the conventional GaAs MESFET device I-V characteristics. In particular, the maxi- 
mum drain-source current I dsstn is twice the value of I dss (drain-to-current ratio at V gs 
= OV). This phenomenon can greatly affect the quiescent point biasing of the device 
and the first-order prediction of the RF load line for optimizing the amplifier’s out- 
put match in order to realize maximum output power. 

From this discussion, the devices deemed suitable for improving the amplifier’s 
gain and output power performance across a multioctave bandwidth are the 
following SPHEMT and DPHEMT devices: LPS200, LPD200, LP6836, and the 
LP6872. These devices were used in the amplifier designs presented in Chapter 6. 
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4.1 Introduction 

This chapter describes the characterization of SPHEMT and DPHEMT devices in 
terms of their scattering parameters and the pulsed dc I-V characteristics. The char- 
acterization methods described here, however, can be applied to other transistors. It 
is then shown how the measured S-parameter and the pulsed dc I-V data is used to 
derive the device’s small-signal and large-signal equivalent circuit models. In par- 
ticular, the device’s hot and cold deembedded S-parameter measurements enable the 
determination of the intrinsic and extrinsic element values constituting the small- 
signal model. The large-signal device model is determined by using the semiempiri- 
cal method, as it uses the measured pulsed dc I-V data of the device and no assump- 
tions are made relating to the physical operation of the device itself. This approach 
is shown to provide an accurate large-signal model. The device models are highly 
dependent on the accuracy of the measurement techniques employed to characterize 
the device, as this will ultimately impact the accuracy of the amplifier’s design and 
hence its performance. 



4.2 Device Characterization 

The S-parameters are measured on a vector network analyzer, and the accuracy of 
these measurements is largely dependent on the quality of the analyzer’s calibra- 
tion. The calibration of this instrument should remove unwanted and repeatable 
information, such as the effects of nonideal transmission lines, connectors, and 
circuit parasitic. If all of the unwanted information has been removed, then the 
measurements should represent the device under test perfectly. However, in prac- 
tice, this is not totally possible, and some tiny amount of error will inevitably remain 
uncanceled. 

In practice, a major problem encountered when making network analyzer 
measurements in microstrip or other noncoaxial media is the need to separate the 
effects of the transmission medium, in which the device is embedded for testing pur- 
poses, from the device characteristics. While it is desirable to predict how a device 
will behave in the environment of its final application, this is very difficult to meas- 
ure in situ. The accuracy of the device measurements depends on the availability of 
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quality calibration standards. Unlike coaxial measurements, a set of three distinct 
impedance standards is often impossible to produce for noncoaxial transmission 
media. Hence, the thru-reflect-line (TRL) [1, 2] technique is usually preferable, as it 
relies only on the characteristic impedance of a short transmission line. 

This section describes how the physical structure of the TRL standards is estab- 
lished for characterizing active devices. It also includes a brief description on how 
the standards are used in the two-port calibration procedure prior to the small- 
signal S-parameter measurements. 

4.2.1 Basis of Calibration 

The characterization of active devices described in this chapter was carried out using 
the HP8510 vector network analyzer, shown in Figure 4.1. This instrument meas- 
ures the amplitude ratio and the relative phase of two broadband swept signals. By 
using dual directional couplers, the instrument is able to separate the incident and 
reflected waves in a transmission line, thereby enabling the measurement of the 
impedance and the gain of RF and microwave circuits. The network analyzer meas- 
urements are based on S-parameter principles that are the accepted standards in the 
high frequency industry [3] . The errors associated with the S-parameter measure- 
ments on a network analyzer can affect the measurement accuracy. These errors are 
attributed to systematic and random errors [4], 

Systematic errors are those that are stable and repeatable and can be identified, 
characterized, and removed from the measurement system. For a full two-port set of 




Figure 4.1 Test set up for device characterization and measurements employing the HP851 0 
vector network analyzer. 
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S-parameters, such errors include coupler directivity, source and load mismatch, 
transmission and reflection tracking, and finite port isolation. These errors can be 
measured then removed from the measurement with the built-in error-correction 
techniques of the network analyzer. 

Random errors are those that are random in nature and cannot be characterized 
and removed, such as noise, drift, and connector repeatability. The noise encoun- 
tered in any measurement system is mainly due to low level (system noise floor) and 
phase noise of the source (or high-level noise). The drift error is largely due to 
temperature variations in the measurement environment. Although these errors 
cannot be entirely removed, they can be minimized by averaging the measurements, 
reducing the IF bandwidth or recalibrating the network analyzer. 

Two-port components are generally measured in test fixtures, which add com- 
plexity to the measurement system. A calibration at the coaxial ports of the network 
analyzer removes the effects of the network analyzer and any cables or adapters 
before the test fixture. However, the effects of the test fixture are not accounted for. 
To eradicate completely the effects of the test fixture from the measurement, the 
method of in-fixture calibration provided by the TRL method of calibration needs 
to be employed [5]. 

The TRL is a two-port calibration procedure that relies on transmission lines 
rather than a set of discrete impedance standards. The key advantages of using 
transmission lines as reference standards are: 

• Transmission lines are among the simplest elements to realize in many non- 
coaxial media. 

• The impedance of transmission lines can be accurately determined from the 
physical dimensions and materials. 

• Transmission lines have traditionally been used as standards and are well 
understood. 

The basic TRL calibration procedure consists of three steps, thru, reflect, and 
line. The thru step is performed when the test ports are directly mated together. This 
allows the measurement of the transmission response and the port match in both 
directions over the frequency range of interest. In the reflect step, a short or open cir- 
cuit is connected to each of the test ports, and the reflection coefficient is measured. 
The final line step involves the measurement of the frequency response and port 
match with a short transmission line inserted between the test ports. 



4.2.2 Microstrip Test Fixture and Calibration Standards 

In order to carry out the TRL calibration in microstrip, a custom-made test fixture is 
needed whose design is based on the split-block approach. This is necessary, as one 
of the main requirements in the calibration process is the need to insert the test 
device and the calibration standards, which are of dissimilar physical lengths 
between the two halves of the test fixture. Figure 4.2 shows the test fixture, where 



TLFeBOOK 



66 



Device Characterization and Modeling 




the TRL calibration standards shown were fabricated on Alumina substrate with 
dielectric constant of 9.8, substrate thickness of 0.381 mm, and a gold-plated thick- 
ness of 5 [A, m. When the test fixture is calibrated, adequate separation between the 
coaxial and microstrip launchers is essential during the thru and line measurements 
to prevent the generation of the dominant and higher order modes. Otherwise, the 
coupling of these higher order modes between the launchers will produce spurious 
variations during the error-corrected measurements. In practice, a minimum of two 
wavelengths is necessary between the launchers. 

As the signal propagating through the microstrip is approximated to a quasi- 
TEM wave, some of the signal will be supported by the electric fields above the 
microstrip surface. Hence, if the electric fields in the fixture are perturbed between 
the calibration and measurement process, then the propagation characteristics of the 
microstrip transmission line will alter, too. Consequently, nonsystematic errors are 
introduced, which cannot be removed through the analyzer’s error-correction tech- 
niques. Therefore, in order to minimize this effect, the test environment should be 
the same during calibration and device measurement. 

The sidewalls of the test fixture need to be considered, too, as the sidewalls 
could behave as a resonant cavity, which can affect the measurements. To prevent 
propagation of unwanted modes, the size of the cavity is made small enough so that 
the resonant frequency is above the range of the measurement. For resonance-free 
operation under dielectric loading, the width of the cavity can be calculated using 

w c =c/2fe eff (4.1) 



where 

c = speed of light (m/s); 

f — upper frequency of the calibration range (Hz); 
s eff = effective dielectric constant of the substrate. 
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The various calibration standards are shown in Figure 4.3. The thru standard is 
specified as having a zero phase delay, so that the reference plane is established at the 
middle of the thru. Test devices that are mounted on center blocks are connected 
directly at this calibration plane. The length chosen for the thru is 5.94 mm with a 
line width of 0.36 mm corresponding to 50-Q line fabricated on a 0.381-mm-thick 
Alumina substrate with a dielectric constant of 9.8. The most simple standard is the 
reflect, as this is an open circuit; however, a short circuit could be employed if 
significantly more energy is radiated than reflected at the open circuit. The line stan- 
dard is a short microstrip line whose length is calculated to be the thru line length 
plus the optimal length of one quarter wavelength relative to the thru at the center 
frequency of the measurement range. An additional requirement in the calibration 
is that the insertion phase difference between the thru and the line should be 
20° to 160° [5]. As the frequency range for calibration and device measurement 
is 2 to 20 GHz, the guide wavelength A,, at the center frequency can be calculated 
using 



K =c /f^ff 



(4.2) 



where 

c = speed of light 3 x10 s m/s; 

f = center frequency of the calibration frequency range (Hz); 
E eff = effective dielectric constant of the substrate. 



5.94 mm 



Microstrip line 









(a) Thru 



2.95 mm 2.63 mm 2.95 mm 



Microstrip line Microstrip line 



8.53 mm 









Microstrip line 





o 

q 



(c) Line 

Figure 4.3 TRL calibration standards: (a) Thru, (b) reflect, and (c) line. 
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For the specified Alumina substrate (e r = 9.8 and h = 0.381mm),£^= 6.693, so 
XJ4 — 2.63 mm. Therefore, the electrical delay r associated with this length is calcu- 
lated to be 22.68 ps using 



x = X g ^e eff jAc 



(4.3) 



The phase associated with the length 2.63 mm is given by 

8 =(360x2.63)/2 g (4.4) 

The guide wavelength calculated using (4.2) at 2 GHz and 20 GHz are 58.81 
mm and 5.69 mm, respectively. Therefore, the corresponding phase at 2 GHz is 
16.10°, and at 20 GHz, it is 166.4°. Although the insertion phase difference 
is slightly outside the required range for TRL calibration, it is still within the 
practically acceptable limit. The reflect standard consists of two open-circuit trans- 
mission lines of length 2.95 mm, which are separated by 2.63 mm, as shown in 
Figure 4.3(b). The physical line length of the line standard is set to 8.53 mm, as 
shown in Figure 4.3(c). 

Once the TRL calibration standards are established, the HP8510 vector net- 
work analyzer can then be calibrated by changing the definitions of the analyzer’s 
calibration kit. A mathematical description [5] of each of the standards derived here 
is entered into the network analyzer. Each of the standards must be defined in terms 
of the coefficients required by the standard definition table. After defining the stan- 
dards, each of the standards must be assigned to a class. Thereafter, the TRL 
calibration procedure can then be performed using the test fixture, shown in 
Figure 4.2. 

4.2.3 Small-Signal Measurements 

The S-parameters of an active device were measured using a custom-made device 
test carrier, shown in Figure 4.4, which was constructed from copper-tungsten mate- 
rial that is gold plated. The input and output of the test carrier consists of 50-Q lines 
fabricated on Alumina substrate, which is attached onto the carrier using gold/tin 
(composition 80/20) solder. The device itself is soldered onto a gold-plated mount- 
ing post that is positioned in the middle of the test carrier. The mounting post is 
designed to accommodate the device and the associated source decoupling capaci- 
tors. Figure 4.5 shows the assembled test carrier with the DPHEMT device LP6872. 

The HP8510 vector network analyzer set up for measuring the S-parameters, 
shown in Figure 4.1, comprised of the TRL test fixture and the device test carrier. 
The gate-source and drain-source bias is supplied through broadband bias tees, 
using a dual power supply. The active device’s S-parameters were measured at the 
reference planes indicated in Figure 4.4, having first calibrated the analyzer, as 
described earlier. As these measurements include the gate and drain bond wires, the 
small-signal equivalent model will also include the device’s extrinsic elements. 
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Gold-plated carrier 



S-parameter 
reference plane 




Gold-plated carrier 



Figure 4.4 Device test carrier. 




Figure 4.5 Device LP6872 assembled test carrier. 
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Hot S-parameter measurements [6] were made over the frequency range of 2 to 
20 GHz at specific bias points (i.e., V ds = 3V at 0 ,5I dss for LPS200; V ds = 4V at 0 ,5I dss 
for LPD200; V ds = 8V at 0.57*, for LP6836; and V is = 8V at 0.5 I dss for LP6872. The 
S n , S 22 , and S 21 measurements for these devices, shown in Figures 4.6- 4.13, enable 
the intrinsic elements of the small-signal equivalent model to be determined. 



fl : 2 GHz 
f2: 20 GHz 

□ S1 1 (measured) 

+ S22 (measured) 

Bias setting: 
v ds = 3V 
Ids = 0.5 IjJss 

Figure 4.6 Device LPS200 measured hot 5 n and S 22 . 




S21 (measured) 

fl: 2 GHz 
f2: 20 GHz 



90 




Figure 4.7 Device LPS200 measured hot S 21 . 
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fl : 2 GHz 
f2: 20 GHz 



□ S1 1 (measured) 

'W S22 (measured) 



Bias setting: 
V ds = 4V 
'ds = 0.5 l dss 




Figure 4.8 Device LPD200 measured hot 5„ and S 22 . 
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fl : 2 GHz 
f2: 20 GHz 



□ SI 1 (measured) 

T S22 (measured) 

Bias setting: 

V ds = 8V 
Ids = 0.5 l dss 




Figure 4.10 Device LP6836 measured hot 5 n and S 22 . 
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Figure 4.12 Device LP6872 measured hot 5 n and S 22 . 
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Cold S-parameter measurements [7, 8] were also made over the same frequency 
range with the devices biased at the drain-source voltage V ds of OV, and the 
gate-source voltage V gs set at the device’s pinch-off (i.e., -3V). This condition 
enables the extrinsic elements of the small-signal equivalent model to be ascertained. 
The measured S n and S 22 of LPS200, LPD200, LP6836, and LP6872 devices are 
shown in Figures 4.14 to 4.17. 

4.2.4 Pulsed dc l-V Measurements 

The large-signal model, which is extracted from the measured static dc I-V data, 
does not fully describe the behavior of the device characterized at RF. This is 
because the temperature and dispersion effects introduce a discrepancy between the 
dc and RF transconductance as well as the output conductance. A common expla- 
nation of this is due to traps and surface states [9, 10] in the semiconductor that 
affect the performance of the device. However, a better large-signal model can be 
extracted when the dc characteristics are obtained by using pulsed measurements 
[11]. This is valid as long as the pulses are kept short and the pulse period is shorter 
than the mean lifetime of the traps, so that the device characteristics are not affected 
by the traps. 

The dc pulsed I ds -V ds and I ds ~V gs measurements were performed on the devices 
LPD200, LP6836, and LP6872 by using the HP4145B parameter analyzer. 
The block diagram of the pulsed set up is as shown in Figure 4.18. The devices were 
pulsed for a short period of 1 /us into the active region and were then held in the 



□ S11 (measured) 

+ S22 (measured) 



Bias setting: 

v ds = ov 

Vgs = — 3V 



fl : 2 GHz 
f2: 20 GHz 



-0.2 



0.2 



0 




fl 



-1 



Figure 4.14 Device LPS200 measured cold 5,, and S 22 . 
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fl : 2 GHz 
f2: 20 GHz 



□ SI 1 (measured) 
'|f| S22 (measured) 

Bias setting: 

v ds = ov 

V gs =-3V 




Figure 4.16 Device LP6836 measured cold S H and S 22 . 
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Figure 4.18 Pulsed l d -V di and l ds -V gs measurement setup. 



passive cut-off region for the rest of the period, typically 1 ms. In the measurement 
set up, a 5-sec pause was used between each measured trace in order to allow cool- 
ing of the device between the sweeps. The pulsed dc isothermal I ds -V ds and I ds ~V gs 
characteristics measured for these three devices are shown in Figures 4.19-4.24. 
The measured characteristics exhibit a positive output conductance over the entire 
bias range considered. 

The dc static I ds -V ds measurements were also performed on these devices. The 
measured results for these devices, shown in Figures 4.25-4.27, indicate significant 
distortion in the form of drooping in the dc curves at high gate-source voltages V gs 
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Figure 4.19 Measured pulsed dc l d -V ds of device LPD200. 



B V gs = 0.8V 
A V gs = 0.6V 
O V gs = 0.2V 
B V gs = 0V 
x Vgs = - 0.2V 
© Vgs =- 0.4V 
* Vgs = - 0.6V 
0 Vgs =- 0.8V 
x Vgs = - 1.2V 



Figure 4.20 




Measured pulsed dc l d -V gs of device LPD200. 
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Gate-source voltage (V) 

Figure 4.22 Measured pulsed dc l d -V gs of device LP6836. 
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Drain-source voltage (V) 



Figure 4.23 Measured pulsed dc l d -V ds of device LP6872. 




Gate-source voltage (V) 

Figure 4.24 Measured pulsed dc l d -V gs of device LP6872. 
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I V gs = 0.6V 
. V gs = 0.4V 
, V gs = 0.2V 
l V gs = 0V 
l V gs =-0.2V 
, V gs = - 0.4V 
Vgs = - 0.6V 
Vgs =- 0.8V 
1 Vgs =- 1.2V 




B Vgs = 0.8V 
A Vgs = 0.6V 
• Vgs = 0.2V 

B Vgs = 0V 
x Vgs =- 0.2V 
e Vgs = - 0.4V 

v Vgs =- 0.6V 
© Vgs =- 0.8V 
^ Vgs=- 1.2V 
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due to thermal effects. This gives rise to negative output conductance values, and if 
this data is used to obtain the large-signal equivalent circuit model, significant error 
will result in the amplifier design. Therefore, for greater accuracy, the measured 
pulsed dc I ds -V ds and I ds -V gs data is used to achieve a best fit with the appropriate 
large-signal model available in standard microwave CAD packages, which is 
described in Section 4.4. This large-signal model is essential to accurately analyze 
and optimize the amplifier design. 



4.3 Small-Signal Device Modeling 

This section describes how the small-signal equivalent circuit model representing 
the SPHEMT (LPS200) and DPHEMT (LPD200, LP6836, and LP6872) devices 
were obtained using the S-parameter data measured in the last section. The analyti- 
cal method employed provides a simple and practical means of extracting the 
device’s intrinsic element values from the hot S-parameter measurements and the 
extrinsic element values from the cold S-parameter measurements. The model 
derived is then optimized so that it fits to the measured data as accurately as possi- 
ble using a commercial microwave CAD package. The accuracy of the model is 
paramount to analyze and optimize the amplifier deign for broadbandwidth 
performance. 
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4.3.1 Principle of Model Extraction Procedure 

The procedure for obtaining the small-signal model is shown in the flowchart of 
Figure 4.28. The process begins with measurement of the hot and cold S-parame- 
ters, which are deembedded from the test fixture in order to obtain the device 
S-parameters. The deembedded hot and cold device S-parameters are used to calcu- 
late the intrinsic and extrinsic component values of the small-signal equivalent cir- 
cuit model representing the device. The model is optimized using a microwave CAD 
package to achieve an accurate fit to the deembedded device S-parameters. 

Determination of the small-signal equivalent circuit is the first step for obtain- 
ing the device model. The accuracy of the model is based on minimizing the error 
function used in the CAD optimization [12] to match the S-parameters of the 
equivalent circuit model with the actual measurements over the required fre- 
quency range. The optimization can be implemented either numerically [12-14] or 
analytically [14-21], Unlike the analytical method, one of the main problems 
encountered with the numeric method is the determination of suitable starting val- 
ues for the optimization. Depending on these starting values, the final equivalent 
circuit values may lack any physical meaning, even with low optimization error 
functions (e.g., the extrinsic resistance values can often tend to vanish independent 
of their starting values). 

Two types of equivalent circuit models are commonly used to represent an 
intrinsic device: the seven-element model [13, 17] and the eight-element model 
[12, 18-21], Contrary to the eight-element model, the seven-element model does not 
account for the observed positive reverse transfer conductance, which may occur 




Figure 4.28 Small-signal device modeling procedure. 
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due to the lack of a gate-to-drain channel feedback capacitance. The eight-element 
model is further categorized into model 1 and model 2. In model 1, sometimes called 
the Curtice model [12], the control voltage V g is defined across C gs and R„ while in 
model 2, V g is defined across just C gs . The analytical parameter extraction method 
[20, 21] also takes into account the gate and drain bond-pad capacitance (C pg and 
C pd ) in the modeling process. 

The equivalent device circuit model, shown in Figure 4.29, consists of 16 ele- 
ments in total, comprising of eight intrinsic and eight extrinsic elements. The intrin- 
sic parameters include t, g m , C gs , C gd , R„ R ds , C ds , and C dc . The dipole layer 
capacitance C dc is represented with a dotted line, as it is normally omitted in the 
model due to its negligible value. The extrinsic parameters include C gp , C dp , L g , L d , 
R g , R s , and R d . 

4.3.2 Extraction of Cold Component Values 

The extrinsic component values of the small-signal model can be analytically 
obtained from the measured deembedded cold S-parameters. The analytical equiva- 
lent circuit [20, 21] of the device biased in the pinched-off condition (i.e., cold 
device) is represented by Figure 4.30. The capacitors C a , C b , and C. represent the 




Figure 4.29 Small-signal model. 




Figure 4.30 Cold small-signal model. 
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fringing capacitance due to depletion layer extension at each side of the gate. Induc- 
tors L g and L d represent the inductance associated with the bond-wire connection at 
the gate and drain, respectively. Resistors R g and R d represent the device’s gate and 
drain resistance, respectively. The source resistance and inductance are represented 
by R s and L s , respectively. This circuit preserves the symmetry of the device when 
viewed from the gate and drain sides of the device. The Z-parameters Z cij corre- 
sponding to the device’s deembedded cold S-parameters are represented by 



z cn =R g +R s + j[w(L g +L s ) + ycoC ab ] 


(4.5) 


Z C12 =Z C21 =R S + j[wL s -1 /coCj 


(4.6) 


Z C22 = R d + R s+i[™( L d +L S )~V a)C bc] 


(4.7) 


where 


C a l =C a 1 +C h x and C^ 1 =C b 1 +C c 1 


(4.8) 


From (4.5)-(4.7) we then have 


R g =Re(Z cu -Z C12 ) 


(4.9) 


R s = Re(Z C12 ) 


(4.10) 


R d = Re(Z clI -Z C12 ) 


(4.11) 


(oIm(Z cll )=co 2 (L g +L s )-yC ab 


(4.12) 


(oIm(Z cl2 ) =w 2 L s ~yC h 


(4.13) 


wIm(Z C22 )=a) 2 (L d +L s )-yC hc 


(4.14) 



Equations (4.9)— (4.11) enable the component values of R,„ R s , and R d to be 
determined at each of the measured frequencies from the Z-parameters. Table 4.1 
gives these extrinsic component values, which are valid across the 2- to 18 -GHz fre- 
quency range, for devices LPS200, LPD200, LP6836, and LP6872. 

Equations (4.12)-(4.14) enable the inductances corresponding to L g , L d , and L s 
to be computed from the gradients of a >Im(Z cn ), (oIm(Z cl2 ), and a>Im(Z C22 ) against 

Table 4.1 Extracted Component Values R g , R d , and R 

Extrins ic Component LPS200 LPD2QQ LP6S36 LP6S72 

R g 2.52Q 0.22Q 1.43Q 1.20Q 

R d 0.95Q 4.85Q 0.52Q 0.64Q 

R s 0.95Q 0.11Q 1.86Q 0.27Q 
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co 2 plots, as well as the capacitors C a , C b , and C c . These component values for 
devices LPS200, LPD200, LP6836, and LP872, which are valid across the 2- to 18- 
GHz frequency range, are given in Table 4.2. 

4.3.3 Extraction of Hot Components Values 

The intrinsic component values of the small-signal model representing the active 
device is analytically obtained from the measured deembedded hot S-parameters. 
The analytical equivalent circuit of the device biased at the nominal operating point 
is shown in Figure 4.31. 

Therefore the Y-parameters Y cij corresponding to the hot device are 



Y n =R i C] s (o 2 /D + jw(C gs /D + C gd ) 


(4.15) 


Y 12 = -ju>C gi 


(4.16) 


Yai = g m e~' m /(}+ /ct>R,C^ ) - jo>C gd 


(4.17) 


Y 2Z =gjs+i W ( C Js + C g d) 


(4.18) 



where 

D = l+R i C 2 gs co 2 (4.19) 



Table 4.2 Extracted Extrinsic Component Values 

Extrinsic Component LPS200 LPD200 

C a , C h , C c 0.21 pF 0.21 pF 

L g 0.095 nH 0.095 nH 

L d 0.095 nH 0.095 nH 

L s 0.039 nH 0.039 nH 



LP6836 
0.32 pF 
0.0181 nH 
0.053 nH 
0.041 nH 



LP6872 
0.55 pF 
0.0102 nH 
0.028 nH 
0.042 nH 



Cate o -J- 1 |— 



Figure 4.31 Flot small-signal model. 
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Equations (4.15)-(4.18) can be separated into their real and imaginary parts, 
thus allowing the components values of the hot small-signal model to be determined 
analytically as follows: 



C gd =~Im(Y u )/aj (4.20) 

Im(Y n ) -wC . M Y n)] 2 

C = - 1 + 1 1 T \ (4.21) 

" [ [lm(Y u )-coC gd \ 

R, = M*n )]/ {[HYu )~coC gd \ + Re(Y u f } (4.22) 

Sm =^e(Y 21 )] 2 +[lm(Y n )-a)C gd ] 1 [l + co 2 ClRf] (4.23) 

t =(l/«)sin- 1 {[- ( yC^ -In{Y 21 )-Re(Y 21 )(oC gs R,]/g m } (4.24) 

C ds =[l™(Y 2 2)-uC gd ]/co (4.25) 

and 

R ds =-l/Re(Y 22 ) (4.26) 



The measured hot S-parameters need to be first transformed into their equiva- 
lent Y-parameters, before (4.20)-(4.26) can be used to calculate the intrinsic compo- 
nent values in the small-signal model. The intrinsic component values for the various 
devices are given in Table 4.3. These values are valid across the frequency range of 2 
to 18 GHz, and for drain voltages greater than 0V. 

4.3.4 Small-Signal Modeling 

The intrinsic and extrinsic component values calculated here were used in ADS® by 
Agilent Technologies to generate the small-signal models for the following devices: 
LPS200, LPD200, LP6836, and LP6872. These models were optimized so that 
they fit as accurately as possible to the measured deembedded S-parameter data. 



Table 4.3 Extracted Intrinsic Component Values 



Intrinsic Component 


LPS200 


LPD200 


LP6836 


LP6872 


c gd 


0.033 pF 


0.0175 pF 


0.0225 pF 


0.0508 pF 


c ;„ 


0.280 pF 


0.3800 pF 


0.6630 pF 


1.0300 pF 


R i 


3.4Q 


4.1Q 


0.763Q 


0.965Q 


8m 


95 mS 


80 mS 


101 mS 


198 mS 


t 


0.66 pS 


2.1 pS 


2.40 pS 


2.51 pS 


c* 


0.031 pF 


0.031 pF 


0.0562 pF 


0.132 pF 


R ds 


187Q 


373Q 


296Q 


155Q 
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Tables 4.4^4. 7 show that excellent agreement is obtained between the calcu- 
lated and optimized small-signal model elements. The simulated and measured 
S-parameter characteristics for the device LPS200, shown in Figures 4.32 and 4.33, 
validates the accuracy of this model across the required 2- to 18-GHz bandwidth. 
These results clearly demonstrate the excellent accuracy that can be achieved by 
using the device parameter extraction procedure employed here to derive the 
device’s small-signal equivalent model. 

As LPS200 is a low-noise device, it was therefore necessary to model the effect 
of the noise generated within this device. The value of the current generator in the 



Table 4.4 LPS200 Calculated and Optimized Component Values 



Intrinsic and Extrinsic Components 


Calculated Value 


Optimized Value 


c. 


0.033 pF 


0.032 pF 


c gs 


0.28 pF 


0.27 pF 


R, 


3.4Q 


3.5Q 


g„ 


95 mS 


100 mS 


t 


0.66 pS 


0.685 pS 


c* 


0.031 pF 


0.03 pF 


R ds 


187Q 


190Q 


c pg 


0.022 pF 


0.023 pF 


C dp 


0.033 pF 


0.034 pF 


c b 


0.21 pF 


0.22 pF 


L g 


0.095 nH 


0.1 nH 


L d 


0.095 nH 


0.1 nH 


R d 


0.95Q 


1.0Q 


R s 


0.95Q 


1.0Q 


R g 


2.52Q 


2.6Q 


L s 


0.039 nH 


0.04 nH 



Table 4.5 LPD200 Calculated and Optimized Component Values 



Intrinsic and Extrinsic Components 


Calculated Value 


Optimized Value 


c gi 




0.0175 pF 


0.0176 pF 


c gs 




0.38 pF 


0.39 pF 


R. 




4.1Q 


4.2Q 


Sm 




80 mS 


82 mS 


t 




2.1 pS 


2.2 pS 


c* 




0.031 pF 


0.032 pF 


R ds 




373Q 


375Q 


c pg 




0.022 pF 


0.023 pF 


Cdp 




0.032 pF 


0.034 pF 


c b 




0.21 pF 


0.22 pF 


L g 




0.095H 


0.1 nH 


L d 




0.095H 


0.1 nH 


R d 




4.85Q 


5.0Q 


R s 




0.105Q 


0.11Q 


R g 




0.215Q 


0.20Q 


L s 




0.039 nH 


0.04 nH 
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Table 4.6 LP6836 Calculated and Optimized Component Values 



Intrinsic and Extrinsic Components 


Calculated Value 


Optimized Value 


c* 


0.0225 pF 


0.0229 pF 


c gs 


0.663 pF 


0.665 pF 


R, 


0.763Q 


0.768Q 


S m 


101 mS 


103 mS 


t 


2.4 pS 


2.33 pS 


c* 


0.0562 pF 


0.056 pF 


R ds 


296Q 


301Q 


c Pg 


0.067 pF 


0.07 pF 


C d p 


0.054 pF 


0.0556 pF 


c h 


0.32 pF 


0.34 pF 


L g 


0.0181 nH 


0.0186 nH 


L d 


0.053 nH 


0.055 nH 


R d 


0.52Q 


0.54Q 


R s 


1.86Q 


1.88Q 


R g 


1.43Q 


1.45Q 


L s 


0.041 nH 


0.04 nH 



Table 4.7 LP6872 Calculated and Optimized Component Values 



Intrinsic and Extrinsic Components 


Calculated Value 


Optimized Value 


C gd 




0.0508 pF 


0.050 pF 


Cgs 




1.03 pF 


1.05 pF 


R, 




0.965Q 


0.95Q 


&. 




198 mS 


200 mS 


t 




2.51pS 


2.56 pS 


Cds 




0.132 pF 


0.133 pF 


R ds 




155Q 


158Q 


Cpg 




0.0208 pF 


0.022 pF 


C d p 




0.053 pF 


0.055 pF 


c b 




0.55 pF 


0.59 pF 


L g 




0.0102 nH 


0.01 nH 


L d 




0.028 nH 


0.03 nH 


R d 




0.64Q 


0.65Q 


R s 




0.27Q 


0.283Q 


R g 




1.2Q 


1.22Q 


L s 




0.042 nH 


0.0405 nH 



device’s model is determined from the low-frequency noise-power method [22], 
which basically involves the measurement of the device’s short-circuit noise power. 
The measured noise power is then used to calculate the spectral noise power density, 
and this value (for LPS200, it is 1,400 (pA) 2 /Hz) is used in the device’s model. As 
shown in Figure 4.34, the device’s small-signal model incorporates a current genera- 
tor defined by I_Noise; the magnitude of current noise, per sqrt (Hz). Figure 4.35 
shows excellent agreement obtained between the measured and simulated noise fig- 
ure and small-signal gain performance for this device. 
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fl : 2 GHz 
f2: 20 GHz 

□ Sn (measured) 

|p S 2 2 (measured) 

O Sn (modeled) 

X S 22 (modeled) 

Bias setting: 

V ds = 3V 

Ids = 0-5 l dss 




Figure 4.32 LPS200 measured and modeled S„ and S 22 . 




Figure 4.33 LPS200 measured and modeled S 21 . 
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0.1 nH 2.6Q 0.032 pF IQ 0.1 nH 




Figure 4.35 




Frequency (GHz) 

LPS200 noise and small-signal gain modeling. 



4.4 Large-Signal Device Modeling 

The basic small-signal model can be adapted to represent the device's nonlinearities, 
which give rise to the large-signal effects. This large-signal model can be derived 
from one of two basic approaches (i.e., from theoretical considerations based on 
process parameters, such as device geometry and carrier concentrations, or from its 
measured I-V characteristics). The latter approach is preferable, as no reference to 
process information is needed in the empirical model. In addition, it is shown that 
the empirical model leads to an accurate large-signal model. 

This section describes how the large-signal equivalent circuit model of an active 
device is determined, as this is critical in the nonlinear analysis of the amplifier 
performance. First, a brief review is given of the various nonlinear analysis and 
large-signal modeling techniques currently available. It is then shown how the 
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large-signal model of a DPHEMT device is derived, which is based on fitting the 
theoretical model to the device's pulsed dc I ds - V ds and I ds ~V gs characteristics. 

4.4.1 Large-Signal Device Model 

The device models described in Section 4.3 are valid for small-signal device opera- 
tion where the signal voltages are small compared with the static operating point. 
However, as the signal voltage rises, the signal deviates from its static operating 
point, therefore changing the device’s performance characteristics [23], The ele- 
ments in the small-signal model that change with bias conditions are termed nonlin- 
ear elements, which include the gate-drain capacitance C gd , gate-source capacitance 
C gs , transconductance g m , transit time t, drain-source capacitance C tk , and the drain- 
source resistance R k , as indicated in Figure 4.36. 

The large-signal model also has to take into account the breakdown effects [24] 
that occur at high voltage levels or by forward biasing the gate-source Schottky 
diode. In particular, the gate-drain avalanche breakdown current occurs at a high 
value of V* and the forward gate-source breakdown current occurs when a positive 
voltage is applied to the DPHEMT device’s gate. Both of these effects severely alter 
the characteristics of the active device. Hence, to obtain a realistic large-signal model 
that takes into account these effects, the model needs to incorporate diodes [25]. 

4.4.2 Nonlinear Analysis Techniques 

The nonlinear behavior of any circuit can be defined where the output varies with 
the input and cannot be described by a linear expression. Linear circuits are 
generally solved in the frequency domain, but this is not suitable for nonlinear char- 
acterization. The four different types of nonlinear analysis are: 

• Time domain; 

• Harmonic balance; 

• Volterra series; 



Gate 




Drain 



Figure 4.36 Large-signal model at a nominal operating bias. 
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* Describing functions. 

The time-domain analysis [26] involves a system of nonlinear equations with 
respect to time. The relationship between voltage and current in the time domain is 
specified for each circuit element, which is solved using Kirchhoff’s laws. Solutions 
are found over a transient period in steps of dt, where the size of dt is inversely pro- 
portional to the total solution time and the accuracy. The speed of solution is also 
affected by the complexity of the nonlinear circuit. The disadvantage of time- 
domain analysis is that all of the transients must be calculated to reach a solution, 
whereas in many cases only the steady-state solution is required. Often, the tran- 
sient settling time (e.g., of the bias circuit) can be many orders of magnitude greater 
than the basic RF period, leading to lengthy calculations. Another problem may 
occur where, for a given time step, a solution of Kirchh off's law cannot be found 
and the solution fails to converge, usually caused by poorly defined nonlinear 
expressions. 

Harmonic-balance analysis [27] is performed in both the time and frequency 
domains. The circuit is divided into linear and nonlinear sections: the linear section 
is solved quickly in the frequency domain for each of N harmonics, and the 
nonlinear section is solved separately in the time domain. Results are passed 
between the two sections by means of Fourier and inverse-Fourier transforms. 
Normally, simulation begins with an analysis of the linear system from the initial 
conditions. The solution of this analysis is used to perform an analysis of the nonlin- 
ear system, and the results are passed back to the linear system once again. This 
iterative process continues until the error function between the two systems drops to 
an acceptably small level. The speed efficiency of the harmonic-balance method 
depends on the type of nonlinear circuit, the partitioning into linear and nonlinear 
blocks, the initial conditions, and the number of harmonics that must be considered. 
It is usually quicker than the time-domain analysis but can become very complicated 
in applications where signals with more than one frequency are considered. Several 
improvements to the harmonic balance method have been proposed [27], which 
have reduced the number of time domain calculations needed and increased the 
number of harmonics that can be considered. 

The Volterra series [28] is useful in systems that are only weakly nonlinear and 
where the input signal consists of a number of different frequencies. It is particu- 
larly useful in circuits where higher harmonics can be ignored, although analy- 
sis becomes rather complicated in systems where this approximation cannot be 
made. 

The describing function [29] is used to analyze systems where the level of non- 
linearity is low. The nonlinear system is converted to a number of linear systems 
(usually linear filters) that can be simply analyzed in the frequency domain. The 
accuracy of the method is largely dependent on the error that exists between the 
nonlinear and equivalent linear systems. The main disadvantage of this method is 
that it can be difficult to transpose a nonlinear circuit into a number of linear cir- 
cuits, especially when the nonlinearity is more pronounced. 
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4.4.3 Large-Signal Modeling Techniques 

There are many ways to derive large-signal models for active devices, depending on 
the available data, the CAD tool, and the theoretical approach chosen [30]. The 
four different methods commonly used are listed next, although a particular method 
may involve a combination of two or more of these methods. 

• Empirical models are derived from the device’s S-parameters, dc pulsed I-V 
measurements. 

• Semiempirical models require some characterization measurements and some 
information on the process parameters, such as the DPHEMT gate dimen- 
sions and the channel doping concentration. These are most commonly used 
commercial nonlinear models and are regarded as industry standard. 

• Analytical models are calculated from mathematical equations, which 
describe the device physics, where certain assumptions have been made to 
simplify the calculations. Compared with empirical and semiempirical mod- 
els, the analytical models to date have been less accurate, mainly because the 
physical mechanisms controlling charge transport in the DPHEMT are not yet 
fully understood. The accuracy of the analytical model is also undermined by 
the assumptions and approximations that are made during derivation of the 
equations. 

• Numerical models employ the most complicated type of analysis. This type of 
modeling is computationally more intensive and requires detailed information 
about the material properties and device geometry. 

Semiempirical models result from a compromise between the empirical and 
analytical approaches. As these models offer the advantage of simplicity and com- 
puter efficiency, they are employed in this section to obtain the large-signal model of 
the DPHEMT device. These models are based on fitting the dc l ds -^d$ ar, d 
characteristics of the DPHMET to equations, which are derived from analyti- 
cal expressions. The equations may include process-controlled parameters, such 
as the pinch-off voltage and the built-in voltage; however, all of the equations 
contain arbitrary parameters (e.g., a, /?, y) that are used to fit the equation to dc 
measurements. 

The most important nonlinear element in the large-signal model is the current 
equation, and many semiempirical expressions have been proposed for it [31-34], 
The general slopes of these equations are similar, including a linear region rising to a 
knee point and a saturation region. The flowchart of Figure 4.37 shows the proce- 
dure for deriving the large-signal model based on the semiempirical model. 

The harmonic balance technique that is available in microwave CAD package 
such as ADS® by Agilent Technologies uses the following semiempirical large-signal 
models: the Curtice Quadratic Model [31], the Curtice-Ettenberg Model [32], 
the Statz Model [33], and the TOM Model [34], It is important to select the appro- 
priate model so that it fits as accurately as possible to the measured pulsed I-V data 
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Measure pulsed 

l ds versus V gs and l ds versus V ds 

characteristics 



Optimize large-signal 

model to fit the pulsed 

l ds versus V gs and l ds versus V ds data 



Final large-signal 
equivalent circuit model 



Figure 4.37 Large-signal modeling procedure. 



of the device, as this model will be used to analyze and optimize the amplifier incor- 
porating this device. These models are now reviewed. 

4.4. 3.1 The Curtice Quadratic Model 

The Curtice Quadratic large-signal model was introduced in 1980 [31] and assumes 
a square-law dependence of drain-source current I Js on gate-source voltage V gs based 
on the following analytical function 



Where /3 is a transconductance scaling parameter, | V p | is pinch-off voltage, X 
defines the dc value of R ds , and a adjusts the knee of I ds versus V ds . The square-law 
portion of (4.27) is adopted from the Shichman-Hodges junction field-effect transis- 
tor (JFET) model [35], and Curtice augmented this model with the tanh(aV ds ) func- 
tion. The hyperbolic tangent tank is a continuous function that provides versatility 
in fitting the knee of the I ds versus V ds characteristics and has been adopted for all of 
the popular, empirical large-signal device models. At V ds = 0V, both tanh and its 
approximation have a slope of a. The ( 1 + XV ds ) term in (4.27) models the dc output 
conductance slope of the 1^ versus V ds curves in the saturated region. In addition, the 
square-law model for the g m nonlinearity means only second harmonics can be 
generated by g m (i.e., g m does not contribute to third-order harmonic and inter- 
modulation distortion). Therefore, in simulating class A amplifiers, this model 
can be expected to underestimate third-harmonic and third-order intermodulation 




(4.27) 
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distortion (IMD) output power. The model is also the least accurate of all models 
in fitting pinch-off and g m bias dependency, but the merit of the quadratic 
model is its simplicity, which leads to quick computations and good convergence 
qualities. 

4.4. 3.2 The Curtice-Ettenberg Model 

The Curtice-Ettenberg model, introduced in 1985 [32], employs a third-order poly- 
nomial to fit the I Js versus V gs characteristic and is often referred to as the cubic 
model. It is defined by the following function: 

I ds (V gs V ds ) = (A 0 +A l V 1 +A 2 V. I + A 3 V 3 )tanh(aV ds ) (4.28) 

where 

V a ( V* ) = V gs [1 + y3(V^ - V* )] (4.29) 

In (4.29), [i controls the change in pinch-off voltage with V ds , and V dso is the 
drain-source voltage at which the A, coefficients are evaluated. The function is capa- 
ble of replicating the curvature more accurately by sacrificing the fit accuracy along 
other regions of the I-V curve. In particular, the model achieves a best fit along the 
major portion of the I ds versus V ds curve; however, the fit is poor at the region of 
curvature close to pinch-off. For large-signal class A amplifiers, the fit of the model 
near the pinch-off region is usually less important than the fit along the quasi-linear 
I ds -V gs region surrounding the quiescent bias point. However, for class AB amplifier 
design, the accurate fitting of the pinch-off region is important in order to produce 
realistic simulations of the output power and power-added efficiency as a function 
of the input drive signal. Therefore, employing this model in this case could result in 
less accurate simulations. 

This cubic model can be expected to be capable of more accurate simulations of 
the third-order harmonic and intermodulation distortion in class A operation than 
the other popular dc I-V fitting functions. The coefficient A 3 in (4.28) controls the 
magnitude of the third-order distortion. Ideally, the extraction of A 3 would be 
made through a fitting between third partial derivatives d 3 I d JdV g 3 for the data and 
the cubic function. 

4.4. 3. 3 The Statz Model 

The Statz model [33] introduced two important advances over previous device 
models. First, the model incorporates an improved analytical dc I-V formulation, 
and, second, the model offers an improved charge model representation of C gs and 
C gd as functions of both V gs and V is . The Statz model modifies Curtice’s formula- 
tion, (4.27), by replacing the more computationally intensive hyperbolic tan- 
gent function with a truncated series representation. The Statz equation then 
becomes: 
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(4.30) 



{l - [l - (a V* )/3] 3 } /[l + b(v ys +|V P |)] 



for 0 <V ds <3/a 



and 



i d s(v g sV ds )=p(v gs +\v p \) 2 (i+w ds )/[i+b(v gs +|v„D] 



(4.31) 



for V ds > 31a 

where {1 — [1 _ (aVJ/3] 3 } is the truncated series representation oftanh(aV ds ) and/3 is 
a model parameter. The equations provide unusually good control over the contour 
in the transition of I ds = f(VJ as it goes from square-law to linear behavior. As long 
as the quantity b( V g + 1 V p | ) is < < 1, as it is when V gs is close to pinch-off, then the 
behavior is square law, as I ds = P(V g + 1 V p | ) 2 . However, when b(V g + \ V p | ) > > 1, then 
the expression is nearly linear, as I ds approaches I ds = P(V g +\V p \ )/b. The coefficient/! 
is easily evaluated for any choice of b because 



The Statz function described here allows broad latitude in the I Js versus V ds fit- 
ting by performing adjustments of the coefficients b and /?. It can accommodate I ds 
versus V ds behavior that varies from totally square law throughout (b = 0) to totally 
linear throughout (very large b). 

The Statz model allows each of the Schottky barrier junction capacitances, C gs 
and C gd , to vary as functions of both V gs and V ds . Most conventional models repre- 
sent C gs and c* as simple diode junction capacitances, each of which varies as a 
function of a single voltage. The simple diode capacitance representation causes con- 
tradictions in defining that C gs = C gd when V ds = 0V. Similarly, the simple diode 
junction capacitance dependency improperly models C gs and c* when V ds is nega- 
tive. Statz [33] introduced an improved way of representing the charge distribution 
in the devices in order to assure continuity of charge. By first defining a total charge 
under the gate electrode and then apportioning this into a C gs charge and a C gd 
charge, continuity is assured over all conditions of device operation. The improved 
capacitance equations are of the form: 




(4.32) 



and 




(4.33) 



C, -c„ xf,( v I .v lJ )+c„, x^(v„v„) 



(4.34) 
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C„ -C».xf,(v,.v*) + C,, < 4 -35) 

Where f n f 2 , f 3 , and f 4 , are functions of both and V The Statz improved 
capacitance formulations can be expected to simulate amplitude modulation (AM) 
and phase modulation (PM) effects in amplifiers more accurately than does the sim- 
ple diode capacitance function. 

4.4. 3.4 The TOM Model 

The TOM model (TriQuint’s own model) [34] merges some key features of the 
models described earlier to create a model that consequently fits a broad range of 
device I-V characteristics. The model is unusual in that it can produce device 
dc I-V families of curves, and the curves cover V gs ranging from pinch-off 
to just beyond forward biasing the device. The main features of the TOM model 
are: 



• A simple and widely controllable means for fitting g m as a function of V gs as 
the device changes from square-law dependence on V gs toward a linear 
dependence; 

• A soft or gradual pinch-off characteristic (i.e., a pinch-off voltage V' p whose 
magnitude increases with increasing VJ; 

• A simple means for modeling the dependence of R ds on V gs , V ds , and channel 
temperature. 

The pinch-off voltage is a function of V ds given by: 

V'p = K| + 7 v & (4.36) 



The flattening of the slope in the drain current I ds versus drain-source voltage V ds 
as characteristic V gs increases is fitted using 

Ids = I dso/( 1+dV ds I dso) (4.37) 



where 



!dsO = P( V gs + \ V p\ + y V ds) B Ktanh ( aV ds) (4.38) 

TOM recognized that not all device behavior is well predicted by the square-law 
assumption, so the exponent in the expression /?(V gs + 1 V p \ +yV ds ) Q is changed from a 
constant 2 to the variable Q. The model also uses the parameter d to model the 
decreased drain conductance at low gate-source bias and allows for scaling of | V p \ 
to account for drain-source voltage dependence. 
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4.4.4 Modeled and Measured Results 

The large-signal modeling process described here was carried out using ADS® by 
Agilent Technologies; however, Microwave Office® by Advanced Wave Research, 
Inc., or any other equivalent CAD package may be used. The fundamental large- 
signal models used by this software are the Curtice Quadratic Model [3 1] (defined as 
the Curtice Asymmetric Model), as shown in Figure 4.38, and the Curtice-Ettenberg 
Model [32] (defined as the Curtice Symmetric Model), shown in Figure 4.39. The 
Statz [33] and TOM [34] models in the software are based on these two models, 
with the necessary theoretical modifications. The components shown in Figures 
4.38 and 4.39 are defined in Table 4.8. When carrying out the large-signal modeling, 



Drain 




Figure 4.38 Curtice Asymmetric model. 



Drain 




Figure 4.39 Curtice Symmetric model. 
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Table 4.8 Large-Signal Components 

R g Gate ohmic resistance 

I dg Reverse breakdown drain-gate current 

R d Drain resistance 

C gi Gate-drain capacitance 

I ds Drain-source current 

C ds Drain-source capacitance 

Rj Gate-source resistance 

I gs Forward gate-source current 

R s Source resistance 

r i(J Zero bias drain-source resistance 

C RF Capacitance to model frequency dependency of output conductance 

R c Resistance to model frequency dependency of output conductance 



it is crucial that the model accurately fits the measured dc bias characteristics of 
Id.-Vd. and Ifi-Vg? as these define the trajectory of the optimum load line for maxi- 
mum output power and power-added efficiency [36, 37]. 

The measured and modeled characteristics of the device LPD200 is shown 
in Figure 4.40. This shows that the Curtice Quadratic model agrees with the meas- 
ured data at only two V gs points, namely at pinch-off when V gs = - 1.2V and at I dssm 
when V gs = 0.6V. Therefore, the model can only provide a compromised fit to the 
measured data. The Statz and TOM models provide an improvement, as the fit is 




-1.2 -0.8 -0.4 0 0.4 0.8 



Gate-source voltage (V) 

Figure 4.40 Measured and modeled l d -V gs characteristics of device LPD200. 
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better long the measured the J ds ~V gs curve, including the curvature close to pinch-off. 
Therefore, this model is the ideal candidate to use in the analysis and design of class 
AB amplifiers. Figure 4.40 shows that the Curtice-Ettenberg model achieves 
optimum fit along most of the I ds ~V gs measured characteristics, except at the pinch-off 
point. This model would be appropriate in the analysis and design of class A amplifi- 
ers, as the accuracy of the model near the device’s pinch-off is usually less important 
than at the quasi-linear I d -V ds region surrounding the quiescent bias point. As shown 
in Figure 4.41, the Curtice-Ettenberg model exhibits good agreement between the 
measured and modeled I ds ~V ds characteristic of the device LPD200. 



h V gs (mod) = 0.6V 

* V (meas) = 0.6V 
+ V (mod) = 0.4V 
x V (meas) = 0.4V 

* V qs (mod) = 0.2V 
V (meas) = 0.2V 

« V qs (mod) = 0V 
v V (meas) = 0V 

* V gs (mod) = - 0.2V 
© V (meas) = - 0.2V 

* V qs (mod) = - 0.4V 
■* V gs( meaS ) = - 0.4V 

* V (mod) = - 0.6V 
V qs (meas) = - 0.6V 

« V gs (mod) = - 0.8V 
b V gs (meas) = - 0.8V 

* V (mod) =- 1.2V 

* V (meas) = - 1 ,2V 



012345678 
Drain-source voltage (V) 

Figure 4.41 Measured and modeled (Curtice-Ettenberg) l d -V di characteristics of device LPD200. 
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5.1 Introduction 

An important factor that needs to be addressed in any amplifier design is the selec- 
tion of the dc quiescent point for the active device, which determines in what class 
the amplifier will operate. The various classes of device operation typically 
employed at microwave frequencies are defined as A, B, AB, C, D, E, and F. The 
selection of the class depends primarily on the particular application that is intended 
for the amplifier. For example, for broadband microwave amplifier designs, class A, 
B, or AB is selected. A bias network is used to provide the appropriate quiescent 
point for the active device under the specified operating conditions, and it maintains 
a constant setting irrespective of transistor parameter variations and temperature 
fluctuations. 

In this chapter, a general analysis is presented of the different classes of ampli- 
fier operation relevant for broadband microwave application in order to provide an 
understanding of how a particular class may affect the amplifier’s performance in 
terms of power-added efficiency. 



5.2 Class A Amplifiers 

The class A amplifier is defined as the mode in which the active device is conducting 
over the entire 360° cycle of the waveform, as illustrated in Figure 5.1. The Q-pt is 
the device’s dc quiescent bias point, V k is the knee voltage, and V max is defined by 
(VgdB ~ | Vpl) [1], where V gdB is the gate-to-drain breakdown voltage and V p is the 
device pinch-off voltage. 

This mode is the most linear of all the classes, as the amplifier’s output wave- 
form is a perfect replica of the input wave. If the active device is biased, as illustrated 
in Figure 5.2, where the gate bias circuitry has been omitted for simplicity, then the 
maximum efficiency that is available from the amplifier operating in class A mode 
can be determined by applying Fourier expansion. 

In the following analysis on the class A amplifier, it is assumed that the device 
has a linear transfer characteristic, as shown in Figure 5.3. A periodic signal of 
period T is applied at the input of the amplifier, resulting in the device generating an 
output current IJt) that can be described by the Fourier expansion 
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Figure 5.1 Waveform showing the class A mode of operation. 



RF 

input 




RF 

output 



Figure 5.2 Simple FET biasing circuit. 




Figure 5.3 Device with linear transfer characteristic. 
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I d {t) = I a /2 + cos 2n(jt /T)t + B n s'm2n(jz/T)t] (5.1) 

where 

K =^J I d (t)cos(2rmt/T)dt (5.2) 

and 

B n = -|j* I d (t)sin(2njit/T)dt (5.3) 

Equation (5.1) can be written as 

I jW = U2 + Ji,cos(e,+i) (5.4) 



where 

I„ = ^A 2 „ + B 2 n 

d n =2rmt/T 

(/>„ = tan _1 (E b /A k ) 

The Fourier expansion of the signal shows that the first three terms of the out- 
put current comprise a dc component (n = 0) of amplitude / 0 / 2, a fundamental 
component (n = 1) of amplitude 1, (which represents the output signal), and an infi- 
nite series of harmonics of amplitude I n for n > 2. The dc component represents the 
current drawn by the device from the power supply when using the bias arrange- 
ment in Figure 5.2. The dc power supplied to the device is the product of the average 
voltage and the average current. That is, 

=V av I M (5.5) 

or 

P dc =V dsQ I a /2 (5.6) 

where V dsQ represents the quiescent point drain-source voltage. The output voltage 

waveform of the device that is developed across the load resistor R L is 

ya(t) = V dsQ -\j j I n cos(e„+(P„) k (5.7) 
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The negative sign in (5.7) accounts for the 180° phase inversion of the output 
wave. From (5.4) 



^ j I„cos(G„+(p„) = I d (t)-lj2 (5.8) 

and, therefore, (5.7) can be written as 

VAt) = V isQ -R L [l d {t)-I 0 / 2] (5.9) 

In order to obtain maximum output power, the voltage swing at the output of 
the device must be maximized. This condition is achieved when VJt) is set to zero, as 
l d (t) tends to I dss . That is, 

0 = V dsQ - r l - 1 o / 2 ] (5.10) 



Therefore, the value of the load resistor for maximum output power is given by 
R L =V dse /[l dss -I 0 /2] (5.11) 



This equation assumes that all of the harmonic voltages are present and termi- 
nated by the load resistor R L . If all of the harmonics are short circuited, then the only 
voltage signal developed across the load is due to the fundamental component. In 
this case, for maximum power, the load resistor is given by 



R L =v dsQ /h 

The efficiency of the device is defined as 

Device efficiency = ^ X 100% 

dc input power 



(5.12) 



(5.13) 



For a sinusoidal current output of amplitude 7„, the RF power is given by 

P n =I 2 n R L /2 (5.14) 

Thus, the output efficiency of each harmonic is given by 

r}„ =I 2 „R L /V dsQ I 0 (5.15) 

We can now consider the efficiencies for two cases, one with all of the harmon- 
ics present and the other with all harmonics except for the fundamental short 
circuited. 



• Case (1): All harmonics present. 
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In =1; [v*q/ 0*. -I,P)]/v*aIo =I 2 Jlo(l d ss - Jo/2) (5.16) 

• Case (2): All harmonics short circuited except for the fundamental. 

V, =J 1 2 (^ Q /J,)/^ Q J o =/ l /i 0 (5.17) 

In this analysis, the class A amplifier is considered to have a linear transfer 
characteristic so that the output waveform from the device is a sinusoid, as there are 
no harmonics present. Also, I Q = I dss , and the quiescent bias point is given by 
/, = I^J 2. Then, from (5.17), the theoretical maximum efficiency achievable in 
class A mode of operation is rj 1 = 50%. However, the power-added efficiency will 
be less than this value, as the power-added efficiency is defined as 

rower-added efficiency = (*? empower - RFinpw power) x 100% ^ 



The theoretical maximum output power achievable in class A mode of opera- 
tion in this case is given by 






W2 



(5.19) 



This analysis assumes an ideal-case scenario; however, in practice the device 
will have a finite gain G, knee voltage V k , gate-to-drain breakdown voltage V gdB , 
and pinch-off voltage V p . Therefore, for a realistic case, the optimum power-added 
efficiency of an amplifier operating in class A is given by [1] 

* m =(1-VG)[(1-«)/2(1 + «)] (5.20) 

where 

«=V( V ^ _ W) (5 - 21) 



Equation (5.20) indicates that for a very large gain device operating in class A 
and which has a very low knee voltage, the maximum power-added efficiency will 
approach the theoretical limit of 50%, as shown in Figure 5.4. This result applies to 
an impractical device; however, in the case of a typical power GaAs MESFET device 
with G = 12 dB, V k = 1.6V, V gdB = 28V, V 0 = 0.7V and V p = 3.2V, then « = 0.06 
and the maximum power-added efficiency is calculated to be 41%. A much more 
drastic reduction in power-added efficiency occurs with low-gain devices (e.g., a 
device with only 6-dB small-signal gain will achieve a maximum efficiency of only 
32% at the bias point of 0.5I dss ). Allowing for practical effects such as circuit loss, 
nonoptimum load impedance, and the imperfection of the matching network 
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employed, the amplifier’s efficiency will erode further to anywhere between 25 % to 
30%. The efficiency can also be compromised by the device’s bias point. If the device 
is operated at a low value of I dss , such as 0.2 I dss , then the gain and the power-added 
efficiency of the amplifier will be severely degraded. 

A comparison of the transconductance of a conventional GaAs MESFET and a 
DPHEMT device is shown in Figure 5.5. This graph indicates that the transconduc- 
tance of the DPHEMT device rises steeply for low gate-source bias V gs values, 




Figure 5.5 Comparison of transconductance variation with gate-source voltage for a DPHEMT 
and GaAs MESFET device. 
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reaching a constant value of 160 mS at V gs of -2V. However, the maximum 
transconductance that is achievable by a typical GaAs MESFET device is limited to 
about 110 mS at a V gs of -0.5V. This suggests that the DPHEMT device offers sub- 
stantially higher gain at the low bias point of 0.15 to 0.2 5I dss compared to the GaAs 
MESFET device. Hence, the DPHEMT device will therefore enable higher levels of 
power-added efficiency to be achieved. 



5.3 Class B Amplifiers 

Class B amplification is defined as the mode in which the active device amplifies 
during one half of the input signal’s period (180°), as illustrated in Figure 5.6. As 
will be shown in the following analysis, class B has a major advantage over class A 
in terms of providing a higher drain efficiency, as there is a significant lowering of dc 
input power and heat dissipation by the active device. 

The optimum efficiency achievable in class B mode can be easily analyzed if it is 
assumed that the device has a linear transfer characteristic. The output waveform in 
this mode is a half-wave rectified sinusoid, as shown in Figure 5.7. For this mode of 
operation V max is defined by (V gdB - 2| V p | - V^), where V gdB is the gate-to-drain 
breakdown voltage and is the forward gate-source voltage. 

The Fourier expansion of this output waveform can be described by 

(,) =2/ » [l + -4 c ° s H? }] cos Hf )]} ,s ' 22) 

where 

Iav = W* 




Figure 5.6 Waveform showing class B mode of operation. 
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'd(t) 




-T/4 T/4 t 

Figure 5.7 Output waveform showing class B mode of operation. 



The components of the Fourier expansion are 

dc component: ^o = ^dss/ Jt (5.23) 

Fundamental : I x = 1^/2 (5.24) 

Second harmonic: I 2 =2J &s /3jt (5.25) 

Fourth harmonic: / 4 = —2/^/1571 (5.26) 

It must be noted that there are no odd harmonics present. The load resistance R, 
with all of the harmonic components present is given by 

(^.-O (5.27) 

The efficiency of each harmonic can then be calculated using 

= I t R L/ 2 VdsQ I o (5.28) 



By substituting R L from (5.27) into (5.28), the following efficiency expression is 
obtained 



V„=I 2 j2I 0 (l*ss-Io) 



Then the efficiency of the fundamental component is 



if o* s/2 y 

2 hOdu-Io) {2I d Jn){l dss -I d j7t) 



(5.29) 



(5.30) 



Similarly, the efficiency of the second and fourth harmonic terms are r/ 2 = 
10.4% and rj 4 = 0.43%, respectively. The output power of each of these harmonics 
is given by 
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P n =I 2 n R L /2 (5.31) 

where R L is defined in (5.27). Then the output power of the first three harmonic 
modes are 



Pi =0.lSV dsQ I dss 


(5.32) 


P 2 =0.033 V dsQ I dss 


(5.33) 


P 4 =0.00132 V^, 


(5.34) 



A comparison of the power level of the second and fourth harmonics with 
respect to the fundamental is 

Power o£ second^ harmonic = _ ?/( ^ 

Power of fundamental 

Pou^offo^lhban«onic =00073 = _ 2U ^ 

Power of fundamental 

If all harmonics except for the fundamental are short circuited, then the load 
resistor R L is given by 



(5.35) 

It must be noted that the value of the load resistor in this analysis is the same as 
for class A mode of operation. Then from (5.28), the maximum efficiency in class B 
mode of operation is given by 

n t =fX/2V* Q / 0 =lf(v dsQ /I 1 )/2V dsQ I a =IJ2I o (5.36) 

so Vn = (W2)/(2/*» = 78.54% 

The theoretical maximum output power achievable in class B mode of opera- 
tion can be calculated if one knows the device’s I dss and V dsQ . That is, 

„ ifV« I.V*, , 

" - 2 “2 /, “ 2 " 2 _ 4 * « 

The output power is the same as that achievable in class A mode of operation, 
although a much higher efficiency is attained. 

In order to realize a higher efficiency in class B mode of operation, the RF volt- 
age swing across the input of the active device needs to be much larger, and this puts 
considerable strain on the breakdown voltage. In fact, in class B mode of operation, 
the RF input voltage swing for a given RF output is twice that for a device operating 
in class A mode, as illustrated in Figure 5.8. In class A mode, the maximum gate 
voltage swing required is given by 
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V b +\V p \ (5.38) 

In class B mode, the maximum gate voltage swing is 

2(V fc +|v p |) (5.39) 

Because the power dissipated is proportional to the voltage square (i.e.,V 2 ), for 
the same output power, the input power for 

• Class A is proportional to ( V b + \ V p | ) 2 ; 

• Class B is proportional to 4(V b + \ V p | ) 2 ; 

This analysis assumes an ideal case; however, in practice, the device is associ- 
ated with finite gain G, knee voltage V k , gate-to-drain breakdown voltage 
pinch-off voltage V p , and forward gate-source voltage V 0 . Therefore, for a realistic 
case, the optimum power-added efficiency of an amplifier operating in class B is 
given by [1] 



V™, = (*/4)(l - 1/G)[(1 - /3)/(l + /0] (5-40) 



where 

/j=V( v ^- 2 K|- v *) 
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Equation (5.40) indicates that a very high gain device with a very low knee volt- 
age operating in a class B mode will yield a power-added efficiency approaching the 
theoretical maximum limit of 78.5%, as shown in Figure 5.9. In practice, however, 
a device will have a finite gain and knee voltage, and if the same GaAs MESFET 
device is employed, as described in Section 5.2 for the class A condition (G = 12 dB, 
V k = 1.6V, V gdB = 28V, V 0 = 0.7V, and V p = 3.2V), then/3 = 0.076 and the power- 
added efficiency is 63%. 

In practice, high output power and efficiency are possible by overdriving the 
class B mode amplifier; however, this will be to the detriment of the amplifier’s gain. 
This is because the device’s transconductance falls dramatically as the gate-to- 
source voltage V gs approaches pinch-off, leading to a substantial reduction of the 
small-signal gain. Also, by overdriving the amplifier in class B mode, the RF voltage 
swing across the device will be large, putting severe strain on the device’s break- 
down voltage. In addition, its bias point will be such that the device spends a consid- 
erable period in the depletion layer edge very close to the active layer/substrate 
interface, which will inevitably lead the device to failure. Therefore, this mode of 
operation is considered inappropriate for broadband microwave amplifier designs 
intended for high power and hence high-efficiency performance. 



5.4 Class AB Amplifiers 

A device operated in class AB mode is defined as having a dc quiescent drain current 
of 0.1 to 0.21^, as shown in Figure 5.10. The maximum theoretical efficiency of an 
amplifier operating in class AB can be easily derived using a simplified analysis 
where the sinusoidal current of amplitude I m through the load for a conduction 
angle 6 o has a waveform shown in Figure 5.11. The drain line current I d of the device 
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Figure 5.10 Waveform showing class AB mode of operation. 




Figure 5.1 1 Load current waveform as a function of conduction angle. 



consists of the input current of maximum value I m and the dc quiescent current J Q , 
given by 



I d =I Q + I m cos 6 



( 5 . 41 ) 
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The value of the quiescent current for a specified conduction angle 0 O is found 
from (5.41) by equating I d to zero at 6 — 0 o / 2, so 

I Q = —I m cos(0 o /2) (5.42) 

The average drain line current is then found by integrating over the conduction 
angle (in radians) between the limits of 6 — —6 0 /2 and 6 - 9 0 /2, 



In _i /2 2n\_ { 2 ) 



(5.43) 



Thus, the average power from the power supply is 

P =V av T, =- Ij ^\e o cosf^)-2sinf%) 



(5.44) 



where V av is the supply voltage. 

Because the voltage in the load changes together with the current, the aver- 
age power is an integral of the product of the load current and load voltage, given 
by 



Pl -±I I m V av c 



~{0 o -sin0 o ) 



The amplifier’s efficiency is then obtained by dividing (5.45) by (5.44), which 
gives 



V 2[e o cos(0„/2) - 2 sin(0 o /2)\ 

For class AB, the conduction angle 0 o can be anywhere between 180° and 360°. 
If 0 o = 300°, then the theoretical maximum efficiency rj = 55%. 

The discussion in this Section indicates that if a GaAs MESFET microwave 
amplifier is operated at a dc quiescent drain current of 0.1 to 0.2 I dss then the amplifi- 
er’s performance in terms of gain and power-added efficiency will be severely 
eroded. However, Itoh, et al. [2], have reported excellent results for a balanced reac- 
tively matched amplifier operating in class AB mode over 5 to 10 GHz (one octave 
bandwidth). The amplifier achieved an average power-added efficiency of 25% 
biased at 0.3 I dss . By employing an output matching circuit that simultaneously pro- 
vides a short circuit to all even harmonics and an open circuit to all odd harmonics, 
the efficiency can be further enhanced, as proposed by Snider [3]. The amplifier 
achieved 1-W output power over 3.7 to 4.2 GHz with an 11-dB gain and 54% 
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efficiency over the entire bandwidth with the devices biased at 0.1 I dss . This perform- 
ance was achieved using a GaAs MESFET device that was selected for its high gain 
of 6 dB at 14 GHz, low pinch-off voltage of 1.5V, high breakdown voltage of 17V, 
and low knee voltage of IV to ensure minimal efficiency degradation in class AB. 
The selection of low pinch-off and knee voltages ensures a low value for /3 defined in 
(5.40), in order to maintain the efficiency high. 

The latter discussion proves that high efficiency can be achieved by employing 
GaAs MESFET devices in microwave amplifiers by properly selecting the devices 
for low pinch-off voltage, a high breakdown voltage, a low knee voltage, and by 
ensuring that the devices have significant gain at high frequencies. However, 
devices such as the PHEMT, DPHEMT, and HFETs have an advantage over the 
GaAs MESFET devices, as they are fabricated to have a near-constant transconduc- 
tance of typically 160 mS at relatively low gate-source bias voltage than for GaAs 
MESFET devices, as shown in Figure 5.12, and a high maximum channel current 
density I max of typically 435 mA/mm. The high breakdown voltage allows 
these devices to be operated with a relatively high drain voltage of up to 8V, and the 
near-constant transconductance characteristics close to pinch-off voltage gives the 
devices high gain in class AB mode of operation. These properties result in a marked 
improvement in efficiency performance obtainable from these devices compared to 
GaAs MESFET devices. 




Figure 5.12 Comparison of transconductance variation with gate-source voltage for HFET and 
GaAs MESFET devices. 
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6.1 Introduction 

This chapter describes the design, fabrication, and the measured performance of 
high-gain microwave amplifiers for multioctave performance. The amplifier’s 
small-signal and large-signal performance was analyzed using a commercially avail- 
able microwave CAD package. Simulation tools such as Agilent’s ADS® or Applied 
Wave Research’s Microwave Office® are indispensable for such analysis. The 
device’s small-signal and large-signal models extracted from the measured 
S-parameters and the pulsed dc I-V characteristics, as described in Chapter 4, were 
used for the design and modeling of the broadbandwidth amplifiers. In particular, 
the small-signal simulations enable the optimization of the small-signal gain and 
input/output return loss, whereas the large-signal simulations enable the optimiza- 
tion of the output power and power-added efficiency. 

In this chapter the design of the following broadband microwave amplifiers are 
presented: 

• TWDA; 

• Feedback amplifier; 

• CRTSSDA; 

• Feedback amplifier using current sharing concept; 

• High dynamic range amplifier. 

The traveling wave and feedback amplifiers are the traditional workhorses in 
broadband systems such as EW, instrumentation, and high-data-rate light-wave 
communications. The major drawback of the traveling wave and feedback amplifi- 
ers is poor output power and power-added efficiency. In this chapter, it is demon- 
strated that the CRTSSDA concept overcomes the performance deficiencies of the 
traveling wave and feedback amplifiers. This chapter also describes a novel 
current-sharing concept, which is implemented on a dual-stage broadband feedback 
amplifier. The current-sharing concept is shown to substantially reduce the current 
consumption of the amplifier by 50% and hence significantly improve its power- 
added efficiency performance. Finally, this chapter describes the design and 



119 



TLFeBOOK 



120 



Design of Broadband Microwave Amplifiers 



implementation of a novel high dynamic range amplifier for broadband receiver 
applications. The high dynamic range amplifier is realized by integrating a 
CRTSSDA configuration with a low noise feedback amplifier module. 



6.2 Multistage Broadband Amplifier Design 

Traditionally, the multistage amplifier design is implemented by cascading together 
a series of balanced single-stage gain blocks [1], which comprise of reactively 
matched amplifiers that are configured into a balanced stage using 3-dB Lange cou- 
plers [2], The approach allows for ease of design, as the balanced configuration 
improves the input and output match and allows the amplifier to be cascaded with 
other amplifiers. However, the amplifier’s bandwidth is limited to about one-and- 
a-half octaves due to the Lange couplers, the dc consumption is twice that of a 
single-stage gain block, and it requires twice the number of active devices as that for 
a single-stage amplifier. Presently, the design philosophy is shifting toward the direct 
cascade of gain stages. This is partly due to the industry’s demand for smaller and 
more efficient circuits and partly due to the availability of accurate device charac- 
terization and modeling techniques, as well as accurate microwave CAD tools. 

The design topology of a reactively matched two-stage amplifier, illustrated in 
Figure 6.1, consists of the input, interstage, and output networks. The input and out- 
put networks are designed to provide an appropriate impedance transformation 
between the active device and the external system. The interstage network is used to 
provide the necessary gain shaping to compensate for the 6-dB/octave roll off of each 
FET, and the FET’s output-matching network is designed to maximize power trans- 
fer to the load. 

For large-signal applications, the output-matching network must be designed to 
terminate the active device with the optimum load impedance at the fundamental 
and harmonic frequencies [3]. Unfortunately, harmonic terminations are not always 
possible in broadband designs because the harmonics can easily fall within the oper- 
ating bandwidth of the amplifier. Also, when the output network is designed for 
large-signal performance, the amplifier’s small-signal output return loss or VSWR 
will tend to be poor. 




Figure 6.1 Representative two-stage amplifier. 
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The design of the interstage network is similarly hampered, as it must be 
designed for both gain shaping and maximum power transfer between the two 
amplifier stages [4-6]. This is necessary especially at the upper frequency band edge, 
where the active device’s gain is at its lowest value, and therefore sufficient drive 
power must be delivered to the input of the next device by the preceding device. For- 
tunately, this is not a problem at the lower frequency band edge as the output device 
exhibits a higher gain, hence requiring less drive power. If, however, the interstage 
network is designed to provide gain shaping by mismatching the output of the first 
driver device and the input of the second device, this may load the driver device in 
such a manner as to prevent it from delivering sufficient drive power. Even if the 
mismatch loss from the interstage network is small (less than 1 dB), the power trans- 
fer loss can easily be several decibels, as the driver device is not terminated with an 
impedance approaching the optimum large-signal impedance Z opt . 

A variety of network synthesis techniques [1, 7] are available that are very use- 
ful for synthesizing matching networks. These techniques, which are based on either 
a lowpass or bandpass approach, provide gain-sloped responses and generate 
matching networks for complex-to-real or complex-to-complex load impedances. 
The synthesized networks are usually of lumped-element form, which need to be 
converted to their equivalent distributed form. The real-frequency technique pro- 
posed by Carlin [7] or the bandpass-synthesis technique described by Mellor [1] 
provides excellent flat gain performance for small-signal amplifier operation. 
Although synthesis techniques produce networks with the required transfer func- 
tion to achieve the amplifier’s desired frequency response, the element values are 
often unrealizable. The terminal impedances are also unconstrained; thus, the 
resulting amplifier may exhibit poor output power performance. However, broad- 
band synthesis techniques do provide excellent starting values for matching net- 
work elements. 

It is shown in this chapter that the use of the synthesis techniques is unnecessary 
for multioctave amplifier designs using either the TWDA, feedback amplifier, or 
CRTSSDA, as these topologies provide inherent input-output match. 

6.3 Output Power and Power-Added Efficiency 

The use of load line analysis to estimate the large-signal load impedance of a 
DPHEMT amplifier can be misleading. Analysis [8, 9] of the device dc I-V charac- 
teristics suggest that the optimal load impedance for an amplifier can be estimated 
by observing the maximum drain current I Jssm and gate-drain breakdown voltage 
V gdB . Ideally, maximum RF output power should be obtained by promoting the 
maximum peak-to-peak swing of the drain voltage and current. Therefore, the load 
impedance should produce a load line within the dc I-V plane similar to that shown 
in Figure 6.2. 

As indicated in Figure 6.2, the peak drain voltage occurs at the pinch-off break- 
down voltage V giB . The minimum drain voltage V k is at the knee of the dc I-V 
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Nonoptimum 
load line 




Realistic Optimum load 

load line line (ideal) 



Figure 6.2 Optimum and nonoptimum RF load lines. 



characteristic, where the drain current is maximum. Assuming that the amplifier can 
achieve an RF output power P 0 and maximum drain current I dssm per millimeter of 
gate periphery, with a supply voltage of V B , then the maximum power-added effi- 
ciency of an amplifier can be shown to be given by [10] 



r/=(l-VG)P 0 /P dc 



( 6 . 1 ) 



where 

rj = power-added efficiency; 

P o = output power; 

P dc = dc power consumption; 

G = gain at P o . 

Therefore, in order to maximize the power-added efficiency of an amplifier, the 
dc power consumption must be minimized while the gain and output power must be 
maximized. The output power is maximized by presenting the optimum large-signal 
load impedance to the device. The load line analysis does not account for the com- 
plex behavior of the active device under large-signal operation. Therefore, in order 
to accurately predict the amplifier’s large-signal performance, it is necessary to use 
the device’s large-signal model in the simulation analysis. 

Under large-signal conditions, it is found that the load line for the active device 
deviates from the ideal conditions, as indicated in Figure 6.2. In fact, the load line in 
practice tends to exhibit an elliptical shape, which results from the reactance associ- 
ated with the drain-source capacitance C ds , with the device operating into a 50-Q 
circuit. Optimal RF performance [10] is obtained when the drain and gate are 
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biased at the center of the load line such that the onset of saturation is caused by 
the simultaneous and balanced interaction of the load with the breakdown and 
forward gate conduction regions of the RF-IV characteristics for a particular 
DPHEMT. 



6.4 Design of TWDAs 

Two TWDAs designed to operate over the frequency range of 2 to 1 8 GHz consist 
of a single-stage traveling wave amplifier (SSTWA) and a high gain traveling wave 
amplifier that comprised of three cascaded single-stage traveling wave amplifiers 
(three-stage SSTWA). The optimum number of devices required for the SSTWA 
design is calculated using (2.21)-(2.26) in Chapter 2. Table 6.1 shows the optimum 
number of devices needed in the realization of a traveling wave amplifier design 
using the DPHEMT devices (LPD200, LP6836, and the LP6872) and for compari- 
son purposes using a typical GaAs MESFET device (MWT-3). 

The minimum number of devices needed to realize a traveling wave amplifier is 
obtained by rounding up of N opt in Table 6.1. For a given gain, a minimum of two 
DPHEMT devices (LPD200, LP6836, or LP6872) are needed; however, the design 
requires a minimum of four GaAs MESFET devices. The main reason for this is that 
for a given cut-off frequency, the DPHEMT devices offers a lower RjC gs and R ds C ds 
compared to a typical GaAs MESFET. Based on this result, the design of the SSTWA 
is comprised of two LP6836 devices. 

Having established the number of devices required, the next stage is to calculate 
the gate- and drain-line inductances, which form a constant-^ lowpass filter struc- 
ture [11]. The characteristic impedance and the cut-off frequencies of the gate and 
drain lines were made equal, but this can only be done if an external capacitance C p 
is added to the output of each of the devices, as C gs is not equal to C ds . The external 
capacitance is calculated using 

Cp =c gs -C ds (6.2) 

The value of gate-line inductance L g is calculated with (2.26) in Chapter 2 using 
the device’s gate-source capacitance C gs and, for a given cut-off frequency, (o c , which 
in this case is 18 GHz. The calculated values of L g and C p for the LP6836 are 0.4 nH 
and 0.6068 pF, respectively. 



Table 6.1 Optimum Number of Devices 



Device Type R, C gs 

LPD200 4.1Q 0.38 pF 

LP6836 0.763Q 0.663 pF 

LP6872 0.965Q 0.103 pF 

MWT-3 0.8Q 0.5 pF 



R ds C k N^_ 

373Q 0.031 pF 1.95 

296Q 0.0562 pF 1.76 

155Q 0.132 pF 1.65 

350Q 0.12 pF 4 
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The additional capacitance, C p , is realized with a microstrip open-circuit stub, 
where its electrical length is given 



Q p = tan 1 ( w c C p Z 0 ) 



(6.3) 



The calculated values of L g and 6 p are used in the simulation of the SSTWA and 
the three-stage SSTWA designs. In the designs, the value of the drain inductance L d is 
made equal to that of the gate inductance L g . The optimized schematic of the 
SSTWA circuit is shown in Figure 6.3. The small-signal response of the amplifier, 
shown in Figure 6.4, predicts a gain level greater than 9 dB and input and output 
return loss of better than 10 dB over the 2- to 18 -GHz bandwidth. Critical compo- 
nents that influence the amplifiers small-signal response are the gate inductance at 
the input of the amplifier and drain inductance at the output of the amplifier. The 
optimized values of the amplifier’s input gate and output drain inductances are 0.2 
nH and 0.3 nH, respectively. Figures 6.5 and 6.6 show how the gain response is 
affected by the amplifier’s input gate and output drain inductance. It should 
be noted that an inductance value in nH corresponds directly to a physical length of 
the same magnitude in millimeters (i.e., 0.1 nH = 0.1 mm). These results show that 
the output drain inductance does not cause a pronounced effect on the gain response 
at high frequency, as does the input gate inductance. 
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Frequency 1 .6 GHz/DIV 
Optimized small-signal gain simulation of the SSTWA. 
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Figure 6.6 Effect of output drain inductance on the small-signal gain. 



The stability factor (K) of the SSTWA amplifier, shown in Figure 6.7, confirms 
that the amplifier is unconditionally stable over the entire 0- to 40-GHz frequency 
range. Three of the SSTWAs were cascaded together to realize the high-gain three- 
stage SSTWA. The schematic diagram of this circuit is shown in Figure 6.8. The 
optimized small-signal simulation response of this amplifier is shown in Figure 6.9. 




Frequency 10.0 GHz/DIV 
Figure 6.7 Stability factor of the SSTWA. 
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RF 

output 



Figure 6.8 Schematic diagram of the three-stage SSTWA circuit. 




Figure 6.9 Optimized small-signal transmission and return loss response of the three-stage 
SSTWA. 



A gain level of 30 ± 1.25 dB is predicted with input and output return loss of better 
than about 10 dB across 2 to 18 GHz. 

The output stage of the three-stage SSTWA was analyzed under large-signal 
conditions by using the large-signal model of the LP6836 device. Figure 6.10 shows 
the variation of the load line on the drain-source current versus drain-source voltage 
characteristic curves. The reactive part of the RF load, as seen by the device’s cur- 
rent source, contributes to reactive power dissipation, which transforms the actual 
load curve into an ellipse [12]. As the device is matched to 50Q at the output port, 
the device load line deviates from the optimum load line trajectory. This causes a 
nonoptimum large-signal match at the output device and consequently results in 
low output power and hence low power-added efficiency performance. The value of 
the resistive RF load, obtained from Figure 3.9 in Chapter 3, is 74Q for optimum 
output power performance. However, the actual value of the RF load is 33. 5Q, 
which corresponds to the reciprocal of the gradient of the nonoptimum load line in 
Figure 6.10. 
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Bias 1 1.0/ DIV 

Drain-source voltage (V) 

Figure 6.10 Simulated output load line response of the three-stage SSTWA at 2 GHz, 10 GHz, 
and 1 8 GHz. 

6.4.1 Fabrication of TWDAs 

The SSTWA and the three-stage SSTWA circuits were realized using the conven- 
tional MIC thin-film fabrication technology. The practical design considerations 
and fabrication techniques of these amplifiers are discussed in detail in Chapter 7. 
The amplifier circuits were realized on Alumina substrate with a dielectric constant 
of e r = 9.8 and substrate thickness of h = 0.381 mm. All of the resistors on the cir- 
cuit were processed thin-film resistors fabricated as part of the nichrome layer. All 
of the DPHEMT devices and components were epoxy attached and cured at a 
temperature of 150°C. The circuit interconnections were carried out using 0.7-mil 
gold bond wires, whose lengths were calculated to correspond to the values of the 
bond-wire inductances required. The substrate was soldered onto a gold-plated cop- 
per/tungsten carrier, and the completed amplifier was placed inside aluminum hous- 
ing. The assembly drawing for the SSTWA and three-stage SSTWA modules is 
shown in Figures 6.11 and 6.12, respectively. The fabricated amplifiers are shown in 
Figures 6.13 and 6.14. 

6.4.2 Measured Response of TWDAs 

The SSTWA and three-stage SSTWA were mounted on custom-made test jigs (see 
Chapter 7), and the FP6836 devices in the amplifiers were biased to operate at a 
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6 mm 




Figure 6.1 1 SSTWA assembly. 



7 mm 




Figure 6.12 Three-stage SSTWA assembly. 



drain-source voltage V ds = 8V at 0.5 I dss . The measured small-signal response of the 
SSTWA across 2 to 18 GHz is shown in Figure 6.15. This amplifier achieved a 
small-signal gain level of 8 ± 1 dB and its input and output return loss is better than 
9.5 dB. The measured small-signal response of the 3-stage SSTWA over 2 to 18 GHz 
is shown in Figure 6.16. This amplifier provided a small-signal gain of 29 ± 1 dB, 
and its input and output return loss is better than 9.5 dB. The small-signal perform- 
ance measurements for both of these amplifiers are in excellent agreement with the 
predicted performance in Figures 6.4 and 6.9. 
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Figure 6.1 3 Fabricated SSTWA circuit. 



0 <0 ■+-» 




Figure 6.14 Fabricated three-stage SSTWA circuit. 



The predicted and measured output power and power-added efficiency per- 
formance of the three-stage SSTWA module at 18 GHz is shown in Figure 6.17. The 
amplifier provides an output power of 21 dBm at the 2-dB compression point with a 
power-added efficiency of about 5%. Figure 6.18 shows the amplifier’s output 
power, and the efficiency performance is maintained almost constantly across the 
entire 2- to 18-GHz bandwidth. The agreement between the simulated and meas- 
ured nonlinear performance shown in these figures is excellent, indicating the accu- 
racy of the characterization and modeling of the devices described in Chapter 4. 



6.5 Broadband Feedback Amplifiers 

6.5.1 Principles of Broadband Feedback Amplifiers 

The principle of the negative feedback amplifier [13-16] is based on the near-ideal 
voltage-controlled current-source characteristics of the microwave FET device 
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+2.0000 GHz + 1 8.000 GHz 

Figure 6.15 Measured small-signal gain response of the SSTWA. 




+2.0000 GHz + 1 8.000 GHz 



Figure 6.16 Measured small-signal response of the three-stage SSTWA. 
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Input power (dBm) 



Figure 6.1 7 Simulated and measured output power and power-added efficiency as a function of 
input power of the three-stage SSTWA at 1 8 GHz. 



■ Measured output power 
- Simulated output power 

■ Measured power-added efficiency 

■ Simulated power-added efficiency 



10 12 14 16 18 



Frequency (GHz) 

Figure 6.18 Simulated and measured output power and power-added efficiency response of the 
three-stage SSTWA over 2 to 1 8 GHz. 



operated at low frequencies. Application of series and shunt resistive feedback, as 
illustrated in Figure 6.19, is an effective way of simultaneously achieving flat gain 
and good input and output match, as the following analysis shows. 

In the analysis, the FET is represented by the equivalent circuit shown in 
Figure 6.20, where the effects of the gate-source capacitance C gs and parasitic 
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RF 

output 




Figure 6.20 FET equivalent circuit. 



elements are neglected. The resulting negative feedback equivalent circuit is shown 
in Figure 6.21. 

The admittance matrix for the circuit shown in Figure 6.21 is given by 



1 



1 



1 J_ 

1 + gm R S R fb R fb 



(6.4) 



The S-parameters corresponding to the y-parameters in (6.4) are 

s =s R fl ,(l + g m R')-g m Zl 

11 22 g m Z 2 0 +2Z 1 0 (l + g m R s ) + R fb (l + g m R s ) 
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h Rfb '2 




2Z 0 {l + g m R s )-g m Z 0 R fb 
g m z\ +2Z o (i+ gm R s ) + R fb (i + g m R s ) 

= 2Z 0 (i+gjQ 

~g m Z 2 0 +2Z 0 (l+g m R s ) + R fb (l+g m R s ) 



Z o = characteristic impedance; 

R„ = shunt feedback resistance; 

R s = series feedback resistance of the device. 

Under matched input and output conditions S n = S, 2 = 0 (i.e., input and output 
VSWR = 1). Hence, from (6.5) 



R fb =g m Z 2 J(l + g m R s ) 



( 6 . 8 ) 



R s =(z 2 o/Rfl,)-yg m 

Substituting (6.9) into (6.6) gives 

G«1-(R»/Z„) 



(6.9) 
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Equation (6.10) shows that the gain of the shunt feedback amplifier depends 
only on R fh and not on the FET’s parameters. Therefore gain flattening can be 
achieved with negative feedback. 

Because g m R s << 1, (6.8) and (6.10) become 

Rf,, =g m Z 2 a (6.11) 

and 

G = l~g m Z 0 (6.12) 

Thus, if the value for the device’s transconductance is known, then the prelimi- 
nary values of both the shunt feedback resistance and gain under perfect matched 
conditions can be obtained using these two expressions. 

The low cut-off frequency performance of the amplifier is determined by the 
components L1,L2, and C s , which can be determined from the following equations 

LI 8c L2=25/f mm (GHz) ( nH ) (6.13) 

and 

C s =150/f mm (GHz) ( pF ) (6.14) 

The drain inductance L d and the feedback inductance L fh control the bandwidth 
of the feedback amplifier for a given device. In fact, L d can be used to compensate 
for the drain-to-source capacitance of the device, and hence the upper frequency 
band edge. Because affects the S-parameters of the amplifier, it can be adjusted to 
maximize the feedback at the lower frequency band edge. In addition, it is necessary 
to include input and output matching networks in the amplifier design to negate 
parasitic effects, which render the feedback ineffective at the higher frequency end 
of the band. The matching networks have the benefit of improving the amplifier’s 
terminal VSWR. 

The simulated response of the gain and input/output return loss variation with 
feedback resistor is shown in Figure 6.22. The response shown excludes any device 
matching. The optimum value of the feedback resistor R fb is in the range of 200Q to 
250Q, as this gives a very good input and good output return loss performance. 
The gain of the amplifier corresponding to these values of R ^ is predicted to be 8 to 
10 dB. This figure also indicates that the output return loss is neglible for Revalues 
between 25 0Q and 680Q. The variation of the gain and input/output return loss as 
function of the frequency is shown in Figure 6.23. From the graphs in this figure, it 
is clear that the lower the magnitude of the feedback resistor, the flatter the gain 
response as the low frequency gain is sacrificed for flatness. The graph shows that a 
feedback resistor of 200Q provides a reasonably flat gain response and a good out- 
put return loss performance from dc to 24 GHz. The input return loss deteriorates 
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(b) 

Figure 6.22 Simulated gain, input return loss, and output return loss as a function of the feed- 
back resistor value. 



with increasing frequency; however, it can be improved with the inclusion of 
matching network. 

In practice, however, the gain performance of the amplifier is undermined by the 
device’s parasitic elements, bond-wire lengths, biasing parasitic elements, and 
the input and output matching circuit. Therefore, if these factors are not included in 
the design process, the resulting amplifiers performance, especially at the high- 
frequency end, will be nonoptimum. 

6.5.2 Design of a Three-Stage Feedback Amplifier 

It has been shown that for a given device with transconductance g m , the magnitude of 
the feedback resistor can be determined for a perfect input and output match condi- 
tion using (6.11). Of course, parasitic elements within the device will modify this 
result. Therefore, (6.11) should be regarded as a general rule that provides a first 
estimate of the gain of a feedback amplifier. In practical amplifiers, the shunt 
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(b) For R fb = 200Q 

Figure 6.23 Simulated gain, input return loss, and output return loss as a function of frequency. 



feedback resistor itself would become a series inductor, resistor, capacitor (LRC) 
network due to the layout and biasing parasitic elements. Hence, some matching 
may be necessary to account for the nonideal nature of both the device and the feed- 
back resistor. Moreover, the gain of the amplifier can be made almost constant with 
frequency with the application of an appropriate shunt feedback resistor across the 
device. 

This procedure was used in the design a high-gain three-stage negative feedback 
amplifier to operate over the frequency range of 2 to 18 GHz. The value of the feed- 
back resistor for each of the three stages was initially set to 200Q, assuming per- 
fectly matched conditions. The elements L^, L d , L g , R and input/output matching 
networks of each of the individual feedback amplifiers were optimized using 
commercially available simulation tools. The optimized input matching circuits 
consisted of an open-circuit shunt stub and a series transmission line. The output 
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return loss was optimized by inserting a series transmission line, which was con- 
nected to the output terminal of element L d . The schematic diagram of this circuit is 
shown in Figure 6.24. The optimized schematic circuit of the first-stage feedback 
amplifier comprising of an LPD200 device is shown in Figure 6.25. The second- 
stage and the third-stage feedback amplifiers were comprised of LP6836 and 
LP6872 devices, respectively. The optimized simulation result of the small-signal 
response is shown in Figure 6.26. The predicted gain level of the amplifier is 26 ± 1 
dB, with the input and output return loss better than 9.5 dB and 5 dB, respectively. 

The output stage of the three-stage feedback amplifier was analyzed under 
large-signal operation. This amplifier was comprised of an LP6872 device, 
whose large-signal model in Chapter 4 was used in the simulation. Figure 6.27 
shows the variation of the load line on the drain-source current versus drain-source 
voltage characteristic curves. Because the reactive part of the RF load as seen by the 
current source of the device contributes to reactive power dissipation, this effect 
transforms the actual load curve into an ellipse. As the device is matched to 50Q at 
the output port, the device load line deviates from the optimum load line trajectory. 
This causes a nonoptimum large-signal match at the output device and consequently 
results in low output power and power-added efficiency performance. The value of 
the resistive RF load for optimum output power performance should be 40Q; how- 
ever, from Figure 6.27, the RF load is 17Q. 




Figure 6.24 Schematic diagram of the three-stage feedback amplifier. 



RS=50Q 




Figure 6.25 Schematic diagram of the first-stage feedback amplifier. 
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Figure 6.26 Optimized gain, input return loss, and output return loss of the three-stage feedback 
amplifier. 




Drain-source voltage (V) 

Figure 6.27 Output load line response of three-stage feedback amplifier at 2 GHz, 1 0 GHz, and 
18 GHz. 
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6.5.3 Fabrication of Three-Stage Feedback Amplifier 

Conventional MIC thin-film fabrication technology was used to realize the 
three-stage feedback amplifier. The detailed practical design considerations and fab- 
rication techniques employed in the realization of the amplifier are outlined in 
Chapter 7. Figure 6.28 shows the assembly drawing of the three-stage feedback 
amplifier circuit. The fabricated amplifier is shown in Figure 6.29. All other fabrica- 
tion details are similar to those provided in Section 6.4.1. 

6.5.4 Measured Response of Three-Stage Feedback Amplifier 

Figure 6.30 shows the measured small-signal response of the fabricated three-stage 
feedback amplifier with the devices biased at a drain-source voltage V ds — 8V at 
0.5 1^. The small-signal gain level achieved is 26 ± 1 dB, and the input and output 
return loss is better than 9.5 dB and 5 dB, respectively. The measured small-signal 
responses are in excellent agreement with the predicted response of Figure 6.26. 

The measured output power and power-added efficiency performance of the 
feedback amplifier is shown in Figure 6.31 at a frequency of 18 GHz. The output 
power achieved was 21 dBm at the 2 dB compression point, and the power-added 
efficiency at this point was about 14%. The output power of 21 dBm and a power- 
added efficiency of 14% were maintained over the 2- to 18-GHz frequency range, as 




Figure 6.28 Assembly drawing of the three-stage feedback amplifier. 




Figure 6.29 Fabricated three-stage feedback amplifier. 
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Figure 6.30 Measured small-signal response of the three-stage feedback amplifier. 




Input power (dBm) 

Figure 6.31 Simulated and measured output power and power-added efficiency as a function of 
input power of the three-stage feedback amplifier at 1 8 GHz. 
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shown in Figure 6.32. The agreement between the simulated and measured nonlin- 
ear performance shown in these figures is excellent, indicating the accuracy of the 
characterization and modeling of the devices described in Chapter 4. 



6.6 CRTSSDAs 



6.6.1 Principles of CRTSSDAs 

In this section, the CSSDA presented in Chapters 1 and 2 is improved for large-signal 
operation and enhanced performance in terms of output power and hence power- 
added efficiency. As will be shown here, this is achieved by employing reactive termi- 
nations, and the arrangement of the resulting amplifier is illustrated in Figure 6.33. 
This amplifier configuration will be referred to as the CRTSSDA. 

In the amplifier, the transistor devices (i.e., Tl, T2 ... Tn ) are connected in a cas- 
caded arrangement between two artificial transmission lines so that the signal power 
injected at the matched input port is coupled and amplified by the transconductance 
of each device before finally terminating at the matched output load. 

Like the CSSDA, the CRTSSDA configuration has an advantage over the con- 
ventional distributed amplifier in that it does not require any phase equalization. 
This is because the total output current is not dependent on the phase coherence of 
the individual current generators. The only requirement is to equalize the character- 
istic impedance of the input gate and the output drain port of the active devices 
employed. The gate and drain line inductance present in the circuit, however, limits 
the amplifier’s bandwidth performance. 



I 12 



— H — Measured output power 

Simulated output power 

— O — Measured power-added efficiency 
■ - • " Simulated power-added efficiency 



Figure 6.32 Simulated and measured output power and power-added efficiency response of 
three-stage feedback amplifier over 2 to 1 8 GHz. 
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Figure 6.33 The CRTSSDA. 



The gain response of the CRTSSDA is increased due to the inclusion of the 
impedance Z int , represented by the R var (co) + j(oL var (co) at the drain terminal of each 
active device. The effect of the reactive termination is to enhance the voltage swing 
across each device’s input capacitance C gs , which results in an increased output 
drain current from each device. This consequently improves the amplifier’s overall 
gain performance over the multi octave bandwidth. The input and output character- 
istic impedance is terminated in the Z 0 (i.e., 50Q). Figure 6.34 shows the equivalent 
diagram of the n-stage CRTSSDA. 

In the CRTSSDA, the active devices are cascaded in series so that the signal 
propagating forward from the input to the output port is amplified by the successive 



L/2 L/2 L L/2 L/2 L/2 L d 




Figure 6.34 Equivalent circuit diagram of the n-stage CRTSSDA. 
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stages. The resulting gain of this amplifier can be derived, as described in Chapter 2, 
to be given by 



G crtssJa =g m 2 ’ ! Z in; 2( ”~ 1) Z^ /4 (6.15) 

This is identical to (2.47) and indicates that the gain is an exponential function 
of the number of device stages n. Therefore, the available power gain of this configu- 
ration is substantially higher than that of the conventional traveling wave amplifier 
(see Section 2.3.1) employing the same number of active devices. This is confirmed 
in Figure 6.35, which shows the small-signal gain response of a three-stage 
CRTSSDA and a three-stage conventional traveling wave amplifier, using the same 
number of identical active devices. The CRTSSDA clearly provides a significantly 
higher gain than the conventional traveling wave amplifier configuration. 

In order for the CRTSSDA module to produce a higher gain than the conven- 
tional distributed amplifier, the following relationship must be satisfied 

G cnssda (6.16) 

gJ n Z inl Hn - 1) Z 2 j4Zn 2 g 2 m Z d Z g /4 (6.17) 

With simplification, this relationship becomes 

(6.18) 

Since Z o = Z g = Z d . Equation (6.18) indicates that the impedance Z mt decreases as n 
increases. For example, for n equal to 2 and g m equal to 101 mS, then Z mt is 
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Figure 6.35 Small-signal gain of a three-stage CRTSSDA and a three-stage conventional traveling 
wave amplifier. 
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calculated to be 19. 8Q. For n equal to 3, Z int is 17.1Q. However, (6.15) clearly indi- 
cates that for a given number of device stages, the higher the magnitude of imped- 
ance Z int , the higher the gain of the amplifier becomes. 

Active devices normally have an intrinsic gain roll of -6 dB/octave from dc to an 
upper operating frequency. Therefore, the design of an n-stage amplifier will have a 
gain roll off of -6n dB/octave. This means that in order to design a multistage ampli- 
fier, it will be necessary to equalize the amplifier’s gain for a flat response over the 
desired bandwidth. In the case of a CRTSSDA, this is simply achieved by adjusting 
the impedance Z jnt , because at low frequencies — in the range of 10 kHz to 1 
GHz — the effect of L var (a>) is negligible and R mr is virtually independent of fre- 
quency. Hence, Z im (a>) reduces to 

z int = R var (6.19) 

This means that R var can be used to reduce the high gain level of the amplifier at 
low frequencies. The initial value of the resistance R var can be computed from (6.18), 
which is dependent on the device transconductance g m and the number of device 
stages n constituting the CRTSSDA. Table 6.2 shows the calculated value of R var for 
various DPHEMT devices. 

It should be noted that the calculated value of R mr will have to be optimized in 
order to achieve the required small-signal gain response. The inductive component 
L mr (a>) will have an effect on the small-signal gain at high frequencies ( >2 GHz). 
The primary effect of this component is to alter the magnitude of the small-signal 
level at the input port of the respective device in the CRTSSDA chain; that is, the 
inductive impedance determines the magnitude of the signal voltage that is ampli- 
fied by the device transconductance. The initial value of L var ((o) can be calculated 
from 



L var (w)>n 1/(n - 1) /a)g m (6.20) 

This equation indicates that L var (co) is a function of frequency, the device 
transconductance g m , and the number of device stages n. Figure 6.36 shows the 
effect of varying the component L var (a> ) on the small-signal transmission and 
input/output return loss response of a three-stage CRTSSDA. It can be observed 
from this figure that L var ((o) affects the whole response, with the exception of the 
lower frequency end. 

The output power and power-added efficiency of the CRTSSDA module can be 
improved by incorporating a large-signal impedance matching network in the 



Table 6.2 Calculated Value of R mr 



Device Twfe n «■ % n » $ 

LPD200 25Q 21.6Q 

LP6836 19.8Q 17.1Q 

LP6872 10. IQ 8.7Q 



19.8Q 

15.7Q 

8.0Q 



n = 5 
18.7Q 
14.8Q 
7.55Q 
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Figure 6.36 Effect of L var (a > ) on the small-signal transmission and input/output return loss 
response of a three-stage CRTSSDA. 



design [17], represented by the impedance transformer (n: 1) at the output of device 
T„, as illustrated in Figure 6.37. 

Because the power-added efficiency and output power of an amplifier are 
related by the expression in (6.1), in order to maximize the amplifier’s efficiency, its 




Figure 6.37 CRTSSDA matched for optimum output power and efficiency. 
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dc power consumption must be minimized and its gain and output power must be 
maximized. Fortunately, the CRTSSDA configuration has the inherent advantage of 
offering high gain and output power. However, its power consumption can be mini- 
mized by employing devices that have been tailored for minimum dc power con- 
sumption at the input and intermediate stages. This is feasible as the large-signal 
load impedance is determined by the characteristics of the output device in the 
amplifier configuration. The load impedance is important as it determines the out- 
put power. The optimum output power can be determined from 

R LoPt =(y glIB -y P -y k )/i^ (*- 2 d 



where 

V gdB = gate-to-drain breakdown voltage; 

V p = pinch-off voltage; 

V k = knee voltage at which I max is reached; 

I max — maximum drain current. 

Load impedance greater than R Lopt results in reduced current swing, while load 
impedance less than R Lopt results in reduced voltage. In order to provide optimally 
matched load impedance over the desired bandwidth of operation, it is necessary to 
analyze the amplifier using the large-signal device model. The trajectory of load 
impedance at the upper and lower frequency band edges in the device’s I^-V^ 
characteristic can then be used to determine the optimum load. 

6.6.2 Design of High Gain CRTSSDA 

The design procedure for a high-gain CRTSSDA begins with calculation of 
the impedance Z int using (6.18), which depends on the transconductance g m of the 
device used and the number of devices n comprising the amplifier. The value of the 
impedance defined by this equation is the minimum required in the CRTSSDA 
design to produce a gain level that is higher than that achievable by a conventional 
distributed amplifier using the same number of identical devices. For a three-stage 
CRTSSDA employing DPHEMT device LP6836, which has a transconductance 
value of 101 mS, the calculated value of Z int is 17.15Q. The gain of the amplifier can 
then be calculated using (6.15), where the impedance Z o is 50Q. The gain level 
achievable with these values is 17.6 dB. However, as the amplifier was required to 
have a gain of 27 dB across 2 to 18 GHz, the value of impedance Z int was made to be 
29.52Q. 

The gate and drain bond-wire inductance of the devices used were calculated 
using (2.26) for the required upper cut-off frequency — in this case 18 GHz. As the 
bias elements determine the amplifier’s low frequency cut-off point, in this case 2 
GHz, they were calculated using (6.13) and (6.14). 

The schematic diagram of the optimized three-stage CRTSSDA comprised of 
LP6836 devices is shown in Figure 6.38. The broadband stability of the amplifier, 
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Figure 6.38 Schematic diagram of the optimized three-stage CRTSSDA using LP6836. 



shown in Figure 6.39, is greater than unity, which indicates unconditional stability 
from dc to 50 GHz. The optimized small-signal response of the amplifier, shown in 
Figure 6.40, predicts a gain level of 27 ± 1 dB with input and output VSWRs better 
than 9.5 dB. 

The output stage of the CRTSSDA was analyzed under large-signal operation by 
using the large-signal device model for LP6836 obtained in Chapter 4. Figure 6.41 
shows how the load line varies on the characteristic I-V curves. The actual load 
line appears to be an ellipse, as the current source of the device dissipates power in 
the reactive part of the RF load. As the device is matched to 50Q at the output port, 
the device load line will deviate from the optimum load line trajectory. This will 
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Figure 6.39 Stability factor X of the three-stage CRTSSDA. 




CRTSSDA. 



cause a nonoptimum large-signal match at the output device, and consequently this 
will erode the amplifier’s output power performance. For this device the optimum 
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Bias 1 1.0/ DIV 

Drain-source voltage (V) 

Figure 6.41 Output load line response of the three-stage CRTSSDA at 2 GHz, 1 0 GHz, and 
18 GHz. 



value of the large-signal RF load should be 70Q for optimum output power per- 
formance according to Figure 3.9 in Chapter 3. However, from Figure 6.41, the 
actual large-signal RF load the device in this amplifier configuration sees is 33.5Q. 

The amplifier’s small-signal performance was analyzed to determine which of the 
circuit elements defined in Figure 6.42 affected it most significantly. This was done to 
establish the critical elements that would need tight control in the amplifier’s fabrica- 
tion stage. The amplifier is comprised of 18 circuit elements, which are defined as: 

• L dl : Drain inductance of first device; 

• L J2 : Drain inductance of second device; 




Figure 6.42 Circuit elements of the three-stage CRTSSDA. 
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• L d3 : Drain inductance of third device; 

• L gl : Gate inductance of first device; 

• L gl : Gate inductance of second device; 

• L g3 : Gate inductance of third device; 

• L sgl : Shunt gate inductance of first device; 

• L sg2 : Shunt gate inductance of second device; 

• L sg3 : Shunt gate inductance of third device; 

• L ai : Shunt drain inductance of first device; 

• L ds2 : Shunt drain inductance of second device; 

• L Shunt drain inductance of third device; 

• R gl: Shunt gate resistance of first device; 

• R g2 : Shunt gate resistance of second device; 

• R g3 : Shunt gate resistance of third device; 

• R dl : Shunt drain resistance of first device; 

• R d2 : Shunt drain resistance of second device; 

• R d3 : Shunt drain resistance of third device. 

The elements that affect the amplifier’s small-signal response appreciably by 
applying small variations to their optimized values are L d2 , L g3 , L sgl , L sg2 , and R g2 , as 
shown by the simulation in Figures 6.43-6.47. These results clearly show that ele- 
ment L d2 and mainly effect the response over the mid- and high-frequency band, 




TLFeBOOK 



152 



Design of Broadband Microwave Amplifiers 




Figure 6.44 Effect of L g3 on the small-signal response of a three-stage CRTSSDA. 




Frequency 1.6 GHz/DIV lou 

Effect of L sgl on the small-signal response of a three-stage CRTSSDA. 



whereas the effect ofL sgJ andL sg2 is across the whole response. However, the effect of 
L,g 2 is particularly severe between 5 to 13 GHz. The element R g2 appears to have a 
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Figure 6.46 Effect of L sg2 on the small-signal response of a three-stage CRTSSDA. 




large effect only at the lower end of the frequency response. The tolerance values of 
these elements will therefore need to be more tightly controlled in the amplifier’s 
fabrication. The other elements had small or negligible effect. 
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6.6.3 Design of Power CRTSSDA 

This section goes through the design of a three-stage power CRTSSDA that was 
optimized for output power and hence power-added efficiency performance. The 
design procedure is identical to the high-gain CRTSSDA described earlier and begins 
with the calculation of the impedance Z mt using (6.18). The amplifier’s gain can then 
be calculated using (6.15). It was necessary to increase the value of Z mt so that the 
required gain of 27 dB was achieved over the operating range of 2 to 1 8 GHz. The 
power amplifier is comprised of the following three DPHEMT devices: LPD200, 
LP6836, and LP6872. The gate and drain bond-wire inductances of the devices were 
calculated using (2.26) for an upper cut-off frequency of 18 GHz. The bias elements 
of the amplifier determine the low frequency cut-off frequency (2 GHz) and were 
calculated using (6.13) and (6.14). The schematic diagram of the optimized power 
amplifier is shown in Figure 6.48. The amplifier is unconditionally stable over a 




Figure 6.48 Schematic diagram of the optimized three-stage power CRTSSDA. 
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broad bandwidth from dc to 40 GHz, as shown in Figure 6.49, as its stability factor 
is greater than unity. The amplifier’s optimized small-signal response shown in 
Figure 6.50 predicts a gain level of 27 ± 1 dB and input VSWR better than 9.5 dB. 

The amplifier’s output stage was analyzed under large-signal operation. This 
involved using the large-signal model of LP6872, determined in Chapter 4. The 
reactive part of the RF load as seen by the current source of the device contributes to 




Figure 6.49 Stability factor 'K' of three-stage power CRTSSDA. 




Frequency 1 .9 GHz/DIV 



Figure 6.50 Optimized transmission and input/output return loss response of the three-stage 
power CRTSSDA. 
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reactive power dissipation, which transforms the actual load curve into an ellipse, as 
shown in Figure 6.51. The output device was matched to the optimum load 
impedance by employing a broadband microstrip taper. The value of the resistive RF 
load for this device should be 40Q for optimum output power performance from 
Figure 3.9 in Chapter 3. However, the value of the resistive RF load of this device in 
the power amplifier configuration is 25Q from Figure 6.51. 

The circuit elements defined in Figure 6.42 were analyzed to determine which of 
these elements affected the power amplifier’s small-signal performance. This was 
done to establish the elements whose tolerances would have to be tightly controlled 
in the amplifier’s fabrication. This investigation showed that the elements that par- 
ticularly influenced the amplifier’s performance were essentially the same as for the 
high-gain three-stage CRTSSDA in Section 6.6.2, with the addition of L dl and L g2 
The affect of these elements on the amplifiers gain response is shown in Figures 6.52 
and 6.53. These figures show that the effect of these two elements is predominant in 
the mid to high end of the amplifier’s frequency response. As the components L ds3 and 
R d3 have negligible effect on the small-signal response of the amplifier, they can effec- 
tively be replaced with the large-signal matching network to optimize the amplifier’s 
output power. 

6.6.4 Fabrication of High Gain and Power CRTSSDA Modules 

The CRTSSDA modules were realized using the conventional thin-film MIC fab- 
rication technology. The detailed practical design considerations and fabrication 
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Figure 6.51 Output load line response of the three-stage power CRTSSDA at 2 GHz, 1 0 GHz, and 
18 GHz. 
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Figure 6.52 Effect of L d , on the small-signal response of a three-stage power CRTSSDA. 



techniques employed in the realization of the amplifiers is given in Chapter 7. 
Figure 6.54 shows the assembly drawing of the three-stage high-gain CRTSSDA 




Figure 6.53 Effect of L g2 on the small-signal response of a three-stage power CRTSSDA. 
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14 mm 




Figure 6.54 Assembly drawing of the three-stage high-gain CRTSSDA module. 



module comprising of the LP6836 DPHEMT device. The assembly drawing of the 
three-stage power CRTSSDA module employing DPHEMT devices LPD200, 
LP6836, and LP6872 is shown in Figure 6.55. The photographs of the fabricated 
amplifier modules are shown in Figures 6.56 and 6.57. All other fabrication details 
are similar to those given in Section 6.4.1. 

6.6.5 Measured Results of CRTSSDA Modules 

The measured small-signal gain, input return loss, and output return loss over 2 to 
18 GHz of the three-stage high-gain CRTSSDA module is shown in Figure 6.58. The 
amplifier was biased in the self-bias mode of operation with a V^of 8V at 0.5I dss . The 
measured gain level obtained is 26 ± 1.5 dB, and the input and output return loss is 
better than 9.5 dB (i.e., VSWR of better than 2:1). A comparison with the simulated 

14 mm 




Figure 6.55 Assembly drawing of the three-stage power CRTSSDA module. 



7 mm 
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Figure 6.56 Photograph of the fabricated three-stage high gain CRTSSDA module. 




Figure 6.57 Photograph of the fabricated three-stage power CRTSSDA module. 



response in Figure 6.40 shows excellent agreement between the two results. The 
measured and predicted output power and power-added efficiency performance of 
the amplifier at 18 GHz is shown in Figure 6.59. An output power of 21 dBm at the 
2-dB compression point has been achieved with a power-added efficiency of 14%. 
Figure 6.60 shows that the amplifier’s output power of 22 dBm and a power-added 
efficiency of 14% are maintained across the required 2- to 18-GHz bandwidth. 
These results clearly show the excellent agreement that is achieved between the 
simulated and measured nonlinear performance, which can be attributed to the 
accuracy of the characterization and modeling of the devices described in Chapter 4. 
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+2.0000 GHz +1 8.000 GHz 

Figure 6.58 Measured small-signal response of the three-stage high-gain CRTSSDA module. 




Figure 6.59 Simulated and measured output power and power-added efficiency as a function of 
the input power of the three-stage high-gain CRTSSDA module at 1 8 GHz. 
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— H— Measured output power 

Simulated output power 

— O — Measured power-added efficiency - 
■ - ■ - Simulated power-added efficiency 



Frequency (GHz) 



Figure 6.60 Simulated and measured output power and power-added efficiency response of the 
three-stage high-gain CRTSSDA module over 2 to 18 GHz. 



The three-stage power amplifier’s measured small-signal gain and input/output 
return loss performance over 2 to 18 GHz is shown in Figure 6.61. The amplifier 
was biased for optimum output power, which is determined by the bias settings of 




Figure 6.61 Measured small-signal response of the three-stage power CRTSSDA module. 
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the individual devices. All of the devices were biased in the self-bias mode of opera- 
tion. The optimized bias setting for the device LPD200 was V ds = 4V at 0.25 I dss , for 
LP6836 was V ds = 6.5V at 0.3 I dss , and for LP6872 was V is = 7V at 0.4 I dss . The 
measured gain obtained is 26 ± 1.0 dB and the input return loss is better than 
9.5 dB. A comparison of the measured performance with the simulated response in 
Figure 6.50 shows the excellent agreement between the two results. The amplifier’s 
predicted and measured output power and power-added efficiency performance at 
18 GHz is shown in Figure 6.62. The measured output power at the 2-dB compres- 
sion point is 24.5 dBm with a power-added efficiency of 27%. The measured output 
power and power-added efficiency performance is maintained over the 2- to 
18-GHz bandwidth, as shown in Figures 6.63 and 6.64. 



6.7 High-Dynamic-Range Broadband Amplifier 

6.7.1 Design of High-Dynamic-Range Broadband Amplifier 

Broadband communication, radar, and EW receivers require high-dynamic -range 
broadband amplifiers. These amplifiers have to satisfy the requirements of low NF 
and high third-order output intercept point. To achieve the lowest possible NF, the 
reflection noise-matched input network is employed. This approach, however, tends 
to restrict the amplifier’s bandwidth. This problem can be circumvented by employ- 
ing the conventional distributed amplifier in the design of the dynamic -range 




Input power (dBm) 

Figure 6.62 Simulated and measured output power and power-added efficiency as a function of 
input power of the three-stage power CRTSSDA module at 1 8 GHz. 
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Frequency (GHz) 

Figure 6.63 Simulated and measured output power response of the three-stage power CRTSSDA 
module over 2 to 1 8 GHz. 




Frequency (GHz) 

Figure 6.64 Simulated and measured power-added efficiency response of the three-stage power 
CRTSSDA module over 2 to 1 8 GHz. 



broadband amplifier, as distributed amplifiers provide very broadband amplifica- 
tion with excellent input and output matching. However, the major drawback of 
the distributed amplifier is that of high NF (-4.5-8 dB), low gain (-8-9 dB), and 
poor output power at 1-dB compression point (-18-20 dBm). The concept of 
CRTSSDA, in particular the power CRTSSDA described in Section 6.6.3, provides 
an alternative solution to the conventional distributed amplifier. This is made possi- 
ble because the power CRTSSDA possesses characteristics of high gain, high output 
power, and good input and output match over a wide bandwidth. Because the shunt 
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feedback amplifier, described in Section 6.5, yields a good terminal match and low 
NF over a wide bandwidth, in this section it is therefore shown that the shunt feed- 
back amplifier and the CRTSSDA can be integrated together to realize a high- 
dynamic -range broadband amplifier. 

The high-dynamic-range broadband amplifier design is comprised of a low 
noise resistive feedback amplifier integrated with a power CRTSSDA, as shown in 
Figure 6.65. The circuit design was analyzed and optimized using simulation 
tools. The low noise small-signal model of the SPHEMT device LPS200, derived 
in Chapter 4, was used in the design of the low-noise feedback amplifier. The 
optimized performance of the low-noise single-stage resistive feedback amplifier is 
shown in Figure 6.66. The predicted gain level of this amplifier is 9 ± 1.0 dB, the 
input return loss is better than 9.5 dB, and NF is better than 2.5 dB. 

The design of the three-stage power CRTSSDA is given in Section 6.6.3. This 
amplifier was integrated with the low-noise single-stage resistive feedback amplifier 
to form the dynamic -range broadband amplifier. The optimized performance of the 
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Frequency (GHz) 

Figure 6.66 Simulated and measured small-signal response of the low-noise single-stage resistive 
feedback amplifier. 



dynamic-range broadband amplifier over 2 to 18 GHz is shown in Figure 6.67. The 
predicted gain level of this amplifier is 35 ± 1.5 dB, the input return loss is better 
than 2:1, and the NF is better than 3.0 dB. Large-signal simulation was also per- 
formed on this amplifier, and the results of this simulation in terms of the output 
power at a 1-dB gain compression point and the third-order output intercept point 
performance over the 2- to 18-GHz range is shown in Figure 6.68. The predicted 




Frequency (GHz) 

Figure 6.67 Simulated and measured small-signal response of the high-dynamic-range amplifier. 
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Frequency (GHz) 

Figure 6.68 Simulated and measured output power at a 1-dB gain compression point and third- 
order output intercept performance of a high-dynamic-range broadband amplifier. 



average output power at a 1-dB compression point is 25 dBm with an associated 
average third-order output intercept of 34 dBm. 

6.7.2 Fabrication of the High-Dynamic-Range Broadband Amplifier 

The high-dynamic -range broadband amplifier was realized using MIC fabrication 
technology. The amplifier was realized on Alumina substrate with a dielectric con- 
stant of e r = 9.8 and substrate thickness of h = 0.381 mm. All other fabrication 
details are the same as in Section 6.4.1; however, the detailed practical design con- 
siderations and fabrication techniques employed in the realization of the amplifier is 
given in Chapter 7. Figure 6.69 shows the assembly drawing of the high-dynamic- 
range broadband amplifier. The photograph of the fabricated amplifier is shown in 
Figure 6.70. 




Figure 6.69 Assembly drawing of the high-dynamic-range broadband amplifier. 



TLFeBOOK 



6.8 Broadband Feedback Amplifiers Employing Current Sharing 



167 




Figure 6.70 Photograph of the fabricated high-dynamic-range broadband amplifier. 



6.7.3 Measured Response of High-Dynamic-Range Broadband Amplifier 

The high-dynamic -range broadband amplifier was biased for optimum output 
power and low-noise performance. This is determined by the bias settings of the 
individual devices. All of the devices were biased in the self-bias mode of operation. 
The optimized bias for the three-stage power CRTSSDA was as follows: for the 
device LPD200, V A = 4V at 0.25 I As ; the device LP6836, V A = 6.5V at 0.3 I d j and the 
device LP6872, V ds = 7V at 0.4 I dss . The device LPS200 used in the low-noise single- 
stage resistive feedback amplifier was optimized at V is = 3V at 0.25 I dss . 

The measured small-signal performance of the single-stage low-noise feedback 
amplifier is shown in Figure 6.66. The measured gain achieved by the amplifier was 
8.5 ± 1.0 dB, the input/output return loss was better than 9.5 dB, and the NF was a 
maximum of 2.6 dB. The measured small-signal performance of the high-dynamic- 
range broadband amplifier is shown in Figure 6.67. The amplifier provided a gain 
level of 34 ± 1.0 dB, input return of better than 9.5 dB, and an NF of 3.2 dB. The 
output power at a 1-dB gain compression point and the associated third-order 
output intercept performance over 2 to 18 GHz is shown in Figure 6.68. The aver- 
age output power at a 1-dB compression point was 23 dBm, and the average third- 
order output intercept was of 32 dBm. In all cases, there was an excellent agreement 
between the measured and predicted results, which can be attributed to the accuracy 
of the device characterization and modeling described in Chapter 4. 



6.8 Broadband Feedback Amplifiers Employing Current Sharing 

6.8.1 Design of Broadband Feedback Amplifiers Employing Current Sharing 

The inexorable drive to increase the packaging density of microwave subsystems and 
reduce package size inevitably puts great demand on miniaturization of components 
and devices that are employed in their realization. This demand also puts severe con- 
straints on the current consumption requirements of these subsystems so as to mini- 
mize the power dissipation from the components and devices that constitute them. 
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The amplifiers employed in such subsystems are the major culprits of current con- 
sumption and hence power dissipation. Reduction in the amplifier’s power dissipa- 
tion has numerous benefits in that it can minimize the adverse thermal effects, 
prolong the device’s life, improve efficiency, and improve the system’s reliability. 

The concept of current sharing was originally investigated by Imai, et al. [18]; 
however, it was limited to a bandwidth of up to one octave. In this section, a novel 
current-sharing approach is described, which is applied to a dual-stage feedback 
amplifier to operate over a multioctave bandwidth of 2 to 18 GHz. This type of 
amplifier is normally employed in highly demanding EW systems. The dc bias 
arrangement (i.e., the self-bias technique) conventionally used in such amplifiers 
results in poor efficiency performance due to excessive current consumption. The 
current-sharing approach described here provides substantial reduction in current 
consumption by the amplifier and hence improves the overall efficiency perform- 
ance. For comparative purposes, an identical specification broadband amplifier was 
designed and fabricated using the conventional self-bias technique. The current- 
sharing concept was also implemented onto a 2- to 4-GHz balanced amplifier. 

In conventional feedback amplifiers, the dc bias is applied using the technique of 
self-bias mode. The biasing is established by the source resistors R s and source 
decoupling capacitors C s , both of which are connected to the device’s source termi- 
nal, as illustrated in Figure 6.71. The value of the source resistor R s determines how 
much current is drawn by devices T1 and T2, hence the potential drop established 
across R s . The gate terminal of these devices is connected to the ground via inductors 
L3 and L4. Hence, as the source terminal potential rises up with respect to the gate 
terminal, the capacitor C s will establish the correct gate-source bias voltage to for- 
ward bias the device. The advantage of this biasing technique is that the devices can 
be operated from a single positive supply without the need for a sequencing circuit 
that provides separate gate and drain bias. 




Figure 6.71 Two-stage feedback amplifier circuit in the self-bias mode. 
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The concept of current sharing, shown in Figure 6.72, is a modified version of 
the circuit shown in Figure 6.71. The supply voltage V B is used to bias T2, and the 
overall current drawn by the two-stage feedback amplifier is set by the source 
resistor R s of the first device Tl that is biased in the self-bias mode. Biasing of the 
second device T2 is set by the potential divider connected at the gate terminal of 
device T2 (VI). The drain voltage of T2 (V d ) is connected to the source decoupling 
capacitors C2 (assuming negligible drain-source potential drop), which establishes 
the correct gate-source voltage (V gs = Vl-V d ) to forward bias the device T2. The 
current flows from supply V B through T2, Tl, and R s to ground. Inductor LX pro- 
vides the necessary RF isolation between the source terminal of device T2 and the 
drain terminal of device Tl . Figure 6.73 shows the current sharing implemented in 
a balanced amplifier arrangement. 

6.8.2 Fabrication of Amplifiers Using Self-Bias and Current-Sharing Modes 

The broadband amplifiers using self-bias and current-sharing modes were realized 
using MIC fabrication technology. The amplifiers were realized on Alumina sub- 
strate with a dielectric constant of e r = 9.8 and substrate thickness of/? = 0.381 mm. 
All other fabrication details are the same as in Section 6.4.1; however, the detailed 
practical design considerations and fabrication techniques employed in the 
realization of the amplifier is given in Chapter 7. The assembly drawing of these 
amplifiers is shown in Figures 6.74 and 6.75. The photograph of the fabricated 
amplifier using the current sharing mode is shown in Figure 6.76. 
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Figure 6.73 Balanced amplifier circuit in the current-sharing mode. 




6.8.3 Measured Results of Broadband Feedback Amplifiers Using Self-Bias and 
Current-Sharing Modes 

The measured small-signal response of the two-stage feedback amplifier is shown in 
Figure 6.77. The devices in the amplifier were connected to operate in the self-bias 
mode at V ds = 3V and I tk = 40 mA. The measured gain obtained was about 15 dB, 
the input/output return loss was better than 10 dB, and the NF was about 3 dB. The 
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V B 




Figure 6.75 Layout of the two-stage feedback amplifier using the current-sharing mode (dimen- 
sions 6 mm x 7 mm). 




Figure 6.76 Photograph of the fabricated two-stage feedback amplifier using the current-sharing 
mode (dimensions 6mm x 7mm). 



measured output power performance of the amplifier at 2, 1 0, and 1 8 GHz is shown 
in Figure 6.78. The output power at a 1-dB compression point achieved by the 
amplifier is 13 dBm. 

The two-stage feedback amplifier incorporating the current-sharing mode of 
operation was found to exhibit low-frequency oscillations as the dc bias was applied, 
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Figure 6.77 Measured small-signal response of the two-stage feedback amplifier in the self-bias 





and this caused the gain level to fluctuate. It was found that the source-decoupling 
capacitor C2 and the isolating inductor LX connecting the source terminal of device 
T2 to the drain terminal of device T1 required some optimization in order to stabilize 
the amplifier performance and eliminate the low-frequency oscillations. Figure 6.79 
shows the measured small-signal response of the amplifier operating in the current- 
sharing mode. This performance is found to match the self-bias mode performance 
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Figure 6.79 Measured small-signal response of the two-stage feedback amplifier in the current- 
sharing mode. 



shown in Figure 6.77, with the advantage that the current consumed was only 20 mA 
(i.e., a 50% reduction compared to the self-bias mode). The measured output power 
performance at 2, 10, and 18 GHz of the amplifier is shown in Figure 6.80. The out- 
put power at a 1-dB gain compression point is 12 dBm. The power-added efficiency 
performance of the amplifiers in the self-bias and current-sharing modes is shown in 
Figure 6.81. This figure clearly demonstrates an almost two-fold improvement in the 




Figure 6.80 Measured output power versus input power response of the two-stage feedback 
amplifier in the current-sharing mode. 



TLFeBOOK 



174 



Design of Broadband Microwave Amplifiers 



efficiency performance using the current sharing mode at an input signal power of 
around 0 dBm. 

The current-sharing technique verified on the two-stage feedback amplifier was 
implemented onto a 2- to 4-GHz balanced amplifier. Figure 6.82 shows the 





Frequency (GHz) 



Figure 6.82 Measured small-signal response of the balanced amplifier in current-sharing and 
self-bias modes. 
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measured small-signal response of the amplifier using self-bias mode and an identi- 
cal amplifier using the current-sharing mode. These results clearly show that the 
performance achieved by the amplifier in either bias modes is virtually the same, 
with the exception of the current consumption. The amplifier biased in the current- 
sharing mode only consumed half the amount of current as the amplifier biased in 
the self-biased mode. 
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7.1 Introduction 

This chapter describes the practical design considerations and the fabrication 
technique employed in the realization of the broadband amplifiers described in 
Chapter 6. The chapter starts with an explanation of how the readily available 
microwave passive components were characterized for broadband performance. 
Accurate equivalent circuit models of these components were developed using the 
measured results and used in the simulation analysis of the amplifiers. The 
broadband amplifiers were fabricated using the hybrid MIC technology on thin- 
film Alumina substrates. 



7.2 Practical Design Considerations and Fabrication Procedure 

In the realm of broadband microwave circuit design, the behavior of ideal and real 
components is quite different. The ideal components are characterized as having 
negligible parasitic elements associated with them, whereas the real components 
exhibit the parasitic elements that tend to degrade the broadband performance of 
the amplifier circuit. For example, at frequencies greater than 5 GHz, a chip capaci- 
tor behaves like an equivalent resistor-, inductor-, capacitor (RLC) circuit due to the 
capacitor’s associated parasitic elements. These parasitic elements will tend to 
degrade the performance of the broadband amplifier by introducing either a gain 
roll-off or inband resonances. This effect also applies to inductor and resistor com- 
ponents. Usually, the manufacturers of these components do not normally supply 
S-parameter data characterizing these passive components at various frequencies; 
therefore, it may be necessary to measure their performance over the frequency 
range of interest. The equivalent circuit model of these components can then be 
derived and used in the amplifier design to enable an accurate prediction of an 
amplifier’s performance. 

The amplifier’s circuit will include distributed microstrip transmission lines; 
however, the major problem associated with using microstrip lines, especially for 
broadbandwidth designs, is that of length variation with frequency. That is, as the 
frequency of the input signal gets higher, the physical length of the line will appear 
longer, and its width will become comparable to the signal’s wavelength. Moreover, 
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the discontinuities associated with the microstrip line due to the width step change, 
tee connection, and line bend junctions will further affect the amplifier’s perform- 
ance. Hence, as these effects may adversely affect the amplifier’s performance, it is 
therefore necessary to take them into account in the amplifier’s model, including the 
actual physical layout of the amplifier. 

Figure 7.1 shows the general procedure that is adopted in the fabrication of 
broadband amplifiers. It begins with the generation of the equivalent electrical 




Figure 7.1 Fabrication procedure of broadband amplifiers. 
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circuit model of both the active and passive microwave components. The circuit 
models of these components are then employed to model the broadband amplifier 
design. When the amplifier’s performance is optimized, a physical layout of the 
design is generated using a high-precision chrome glass mask. The mask is used in 
the processing of the Alumina substrate to produce high-definition gold tracks and 
high-tolerance thin-film nichrome resistors. The pattern up plating process [1] is 
used in the realization of the high-definition gold tracks. The Alumina substrate is 
then drilled to provide circular and rectangular cut outs for mounting gold posts 
after the processing stage and finally saw cut into individual circuits. 

7.2.1 Skin-Depth Effect 

The skin-effect phenomenon is observed at microwave frequencies, where the 
current tends to flow mostly near the surface of the conductive material. The con- 
ductive material used for MIC designs should have the following properties: high 
conductivity, a low temperature coefficient of resistance, low RF resistance, good 
adhesion to the substrate, good etchability and soldering, and be easy to deposit 
or electroplate. The resistance is determined by the RF surface resistivity and 
skin depth. The skin depth determines the thickness the conductive material 
required. 

In the design examples described in Chapter 6, the conductor material used is 
gold, as it meets the aforementioned requirements. The minimum gold conductor 
thickness that is required in order to avoid attenuation due to the skin-depth effect is 
calculated using [2] 



d is the skin depth; 
o is the conductivity of gold; 
c o is the frequency; 

/u o is the permeability of air. 

Therefore, by using (7.1), the skin depth for gold conductor at a 1-GHz fre- 
quency is calculated to be 2.47 pm. In the fabrication process of the MICs, the con- 
ductor thickness should be at least three times skin depth, to include 98% of the 
current density and to minimize resistive losses. 

7.2.2 Thin-Film Resistors 

The realization of resistors on MICs is achieved by depositing thin-film resistive 
materials on the substrate. The properties required for a resistive material are 
good stability, low temperature coefficient of resistance, and sheet resistivities in 
the range of 10 to 2,000Q/square. The commonly used resistive materials are 




(7.1) 



where 
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nichrome and tantalum nitride, which can be deposited on the Alumina sub- 
strate using one of the following techniques: vacuum evaporation, electron-beam 
evaporation, or sputtering. The resistance of the nichrome layer is 50Q per 
square, with a tolerance of ± 2%. The length of a nichrome resistor can be calcu- 
lated using [3] 



/ =(RW)/R S 



(7.2) 



where 

/ is the length of the nichrome resistor (mm); 

R is the resistance value (Q); 

W is the width of the resistor (mm); 

R s is the sheet resistivity (50Q/square). 

7.2.3 Mounting Posts 

The RF and dc grounding of the circuit components were provided by using gold- 
plated mounting posts for their low-inductance ground connections and good ther- 
mal dissipation paths. Figure 7.2 shows the circular and rectangular mounting post 
and their respective dimensions. The rectangular mounting posts were specifically 
employed in the mounting of the DPHEMT devices. 

The size of the mounting post is calculated to ensure that the relevant chip com- 
ponent can be mounted onto it easily. However, the magnitude of the inductance 
associated with the rectangular mounting post is critical, as it adds onto the source 
inductance of the active device that is mounted onto the post. Too high a value of the 
mounting post inductance can cause the amplifier to become unstable. Therefore, it 
maybe necessary to characterize the mounting post by shunt mounting the post with 
a high-tolerance chip capacitor. Figure 7.3 shows the test carrier used, which is simi- 
lar to the test carrier used for the characterization of DPHEMT devices, described in 
Chapter 4. The schematic diagram of the shunt-mounted capacitor with a value 2.5 
pF (± 0.5 pF) and its simulated response are shown in Figures 7.4 and 7.5 
respectfully. The inductance associated with the gold bond wires connecting the 
shunt-mounted 2.5 pF capacitor to the 50-Q lines is calculated to be 0.2 nH, as 
described in Section 7.2.6. From the transmission response in Figure 7.5, it can be 
observed the resonant dip of the circuit occurs at a frequency of 16.39 GHz. This 







Figure 7.2 Gold-plated copper circular and rectangular mounting posts. 
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Figure 7.3 Test carrier with 2.5-pF shunt-mounted capacitor (board size 7 mm x 6 mm). 



L = 2.65 mm L = 2.65 mm 
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Figure 7.4 Schematic diagram of the shunt-mounted capacitor. 




Figure 7.5 Simulated S 21 response of the shunt-mounted capacitor. 
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result correlates very well with the measured results shown in Figure 7.6. The value 
of the mounting post inductance can then be calculated using [4] 

L = \](27ifY C (7.3) 



where 

L is the mounting post inductance (H); 

C is the value of the shunt-mounted capacitor (F); 
f is the resonance frequency (Hz). 

Using (7.3), the calculated value of the inductance is 0.038 nH. This value was 
used in the device modeling and amplifier designs described in Chapter 6. 

7.2.4 Broadband Chip Capacitors 

In the fabrication of the broadband amplifier circuits, there is a need to provide dc 
block and RF bypass capacitors. The blocking chip capacitor is placed in series with 
a transmission line to prevent dc voltage of one stage from affecting another, 
whereas the purpose of the bypass chip capacitor is to provide an ac short circuit to 
the RF signal. The microwave chip capacitors, however, have associated parasitic 
elements, which can undermine the broadband amplifier’s optimum performance. 
Hence, it is therefore necessary to take them into account in the amplifier’s model. 
The equivalent electrical circuit model of a chip capacitor consists of series RLC, as 
shown in Figure 7.7 [5]. 
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Figure 7.6 Measured S 2t response of the shunt-mounted capacitor. 
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Figure 7.7 Equivalent circuit model of a chip capacitor. 



In the model, C represents the desired capacitance, L is the parasitic series 
inductance, and R is a parasite series resistance. Over the frequency range of inter- 
est, the capacitor’s parasitic elements should be negligible. In practice, however, 
resistor R will be the dominant parasitic element that contributes to the forward loss 
in the capacitor when used as a dc block. The blocking capacitor must have a low 
forward loss and good input and output return loss ( < 10 dB) across the desired fre- 
quency range in order to maintain a good RF power transmission. 

The capacitors used in the fabrication of the amplifiers were characterized with 
reference to a 50-Q microstrip transmission line. Figure 7.8 shows three test carriers 
consisting of a 50-Q transmission line; the first is a straight through line, and the 
other two carriers have 33-pF and 150-pF chip capacitors connected between the 
50-Q input/output feed lines, respectively. 



1" "V 






(a) 50-Q transmission line 
(board size 7 mm x 6 mm) 


(b) 33-pF chip capacitor 
(board size 7 mm x 6 
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(c) 1 50-pF chip capacitor 

(board size 7 mm x 6 mm) 



Figure 7.8 Test carriers. 
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The measured forward transmission loss S 21 and input return loss S u perform- 
ance of the 33-pF chip capacitor with reference to the 50-Q transmission line is 
shown in Figure 7.9. The graph shows that the worst-case forward transmission loss 
between the 33-pF chip capacitor line and the 50-Q line is 0.13 dB, and the input 
return loss for both is better than 10 dB at 18 GHz. 

The measured performance of the 150-pF chip capacitor with reference to the 
50-Q transmission line is shown in Figure 7.10. This graph indicates the worst-case 




Figure 7.9 Measured S 21 and S„ response of the 33-pF chip capacitor. 




Figure 7.10 Measured S 21 and S n response of the 150-pF chip capacitor. 
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forward transmission loss between the 150-pF chip capacitor line and the 50-Q line 
is 0.25 dB, and the input return loss for both is better than 10 dB at 18 GHz. 

7.2.5 Broadband RF Chokes 

The dc biasing of the amplifiers is accomplished by using RF chokes that exhibited 
low loss and no inband resonances f r . The broadband amplifier designs in Chapter 6 
used 7-turn and 33-turn RF chokes to provide broadband biasing over 2 to 18 GHz 
and 10 MHz to 20 GHz, respectively. The size and number of turns of the chokes 
for a given inductance can be calculated using [5] 

L = 10(nd) 2 /(4Sd + 101 c ) + 0.81 f (7.4) 



where 

L is the inductance value (nH); 

n is number of coil turns; 

d is the coil diameter (mm); 

l c is the coil length (mm); 

l f is the total length of the feed coil wire (mm). 



To avoid the coil reflecting a short circuit at its input, the total wire length is 
made less than one-half guide wavelength at the highest frequency of operation. The 
total length l t is given by 



l t =7tdn+l f (7.5) 

The resonance frequency associated with the coil is given by 

4=150//, (7.6) 

The coils can be fabricated using a 1-mil gold wire. Table 7.1 gives the number of 
turns and the calculated inductance and resonance frequencies using 1-mil (25.4-/tm) 
diameter gold wire. The fabricated 7-turn gold coil and its measured response are 
shown in Figures 7.11 and 7.12, respectfully. The coil offers excellent performance 
from 2 to 19 GHz with 0.4 dB worst-case insertion loss and an input return loss of 
better than 10 dB. Figure 7.13 shows the fabricated 33-turn gold coil. The measured 
response of this coil from 10 MHz to 1 GHz and from 10 MHz to 20 GHz is shown 
in Figures 7.14 and 7.15. The coil offers excellent ultrabroadband performance with 
0.4-dB insertion loss at 18 GHz and input return loss of better than 10 dB. 



Table 7.1 Coil Inductance Values for Various Coil Turns 

Coil Turns t n ) Calculated Inductance (nH) Resonance Frequency (GHz) 

2.5 2 44 

7 9.44 19.74 

33 180 2.5 
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Figure 7.1 1 Fabricated 7-turn gold coil (board size 7 mm x 6 mm). 




Figure 7.12 Measured S 2I and 5„ response of the 7-turn gold coil. 





Figure 7.13 Fabricated 33-turn gold coil (board size 7 mm x 6 mm). 
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Figure 7.14 



+0.01 00 GHz +1.0000 GHz 

Measured S 2t and 5„ response of the 33-turn gold coil over 10 MHz to 1 GHz. 




Figure 7.15 Measured S 21 and 5 n response of the 33-turn gold coil over 1 to 20 GHz. 



7.2.6 Bond-Wire Inductance 

The cross-section of a DPHEMT device placed on a rectangular mounting post with 
gate and drain bond wires connected to its terminals is shown in Figure 7.16. The 
device can have single or double bond-wire connections. This is dependent on the 
value of the inductance required, as a double bond wire has lower inductance com- 
pared with a single bond wire of the same physical length. The lumped inductors 
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Cate-bond wire Drain-bond wire 




Figure 7.16 Mounted DPHEMT device with gate and drain bond-wire connections. 



used at the gate and drain terminals of the active device in the amplifier designs in 
Chapter 6 were made of 0.7-mil (17.78-/rm) diameter gold wire. 

The characteristic impedance of a single gold wire above a ground plane is given 
by 



Z, =(60/Je^)acosh(2000h/d) 



(7.7) 



where 

Z, is the characteristic impedance of the single gold wire (Q); 
d is the diameter of gold wire («m); 
h is the height of gold wire above the ground plane (mm); 

E e is the effective relative dielectric constant. 

Therefore, the inductance L 1 in nH/rnm of the single gold wire can be obtained 
from 



L, = Z iy fe 7/300 (7.8) 

The characteristic impedance of a double gold wire above a ground plane is 
given by 



z 2 = (30/ ln|( 4,000/?/ d)-Jl + (2h/s) 2 ] (7.9) 

where s is the separation of wires (mm). Therefore, the inductance L 2 in nH/mm of 
the double gold wire is given by 

L 2 = Z 2 Je 7/300 (7.10) 

The inductance of the single and double gold-wire varies with height of the wire 
above the ground plane as shown in Figure 7.17. The figure enables the inductance 
in nH/mm to be calculated for a given physical height of the wire above the 
ground plane in the case of a single or double gold wire (for a wire separation of 
0.15 mm). 
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Figure 7.1 7 Inductance variation of 0.7-mil diameter gold-wire above the ground plane. 



7.2.7 dc Biasing 

The broadband amplifiers were dc biased by using the technique of self-bias mode 
[6], which is provided through source resistor R s and source decoupling capacitor 
C s , as illustrated in Figure 7.18. The value of the source resistor R s determines the 
current drawn by the device. As the gate of the device is connected to ground via an 
inductor, the current drawn by the device causes a potential drop across the source 
resistors R s given by V gs = -V s . Because the device’s source terminal is connected to 
the capacitor C s , the potential at this terminal will rise up with respect to the gate’s 
potential until it eventually settles, thus providing the correct gate-source bias volt- 
age to forward bias the device. The advantage of this bias method is that the device 
can be operated from a single positive supply without the need to have separate gate 
and drain bias. 
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7.2.8 Substrate Material 

The selection of the substrate depends upon the specific application required and on 
the frequency of operation. High dielectric constant substrates result in small-size 
circuits; however, a trade-off with size versus performance has to be made. The 
choice of the thickness of the substrate depends on the frequency of operation. 
Thinner substrates are required as the frequency becomes higher. For power amplifi- 
ers, good heat dissipation is required through the substrate. 

The choice of substrate material in the realization of microstrip circuits is 
made broadly between the two classes known as softboard, which are low-loss 
plastic -type materials, and the ceramic or crystalline materials, such as Alumina, 
sapphire, and quartz [7]. The latter materials have the properties of mechanical 
rigidity at high temperatures, enabling the conducting metal layer to be deposited 
onto them by evaporation or sputtering techniques. The resultant coated substrate 
can be then be masked and chemically etched to provide conductive patterns with 
very high resolution (typically 10 fim). On the other hand, softboard material is 
usually clad with copper foil, and circuit patterns realized on it are limited to resolu- 
tion of about 100 fim. This type of substrate can offer low dielectric constant 
(e r ~ 2) and can be used to fabricate circuits using printed circuit board (PCB) etch 
techniques. In addition, the softboard material offers low cost and relaxed circuit 
tolerances. 

MICs requiring higher resolution can be fabrication using thin-film techniques. 
Alumina is the most common material used for thin-film MICs. This material allows 
other materials to be deposited onto it, such as resistive material like commonly used 
nichrome or tantalum nitride. The nichrome layer is used to realize resistors, as 
described in Section 7.2.2. Onto the nichrome layer, a conductive material such as 
gold is sputtered. The Alumina substrate is available in various sheet sizes of differ- 
ent thickness, which can be polished to a high-surface finish with very accurate 
dimensions. Its high dielectric constant (e r = 9.8) is useful at lower microwave- 
frequency MIC designs, as it enables the realization of reduced size circuits. 

Crystalline materials such as sapphire have similar electrical properties to Alu- 
mina; however, it can be polished to a much higher quality of surface finish then 
Alumina. This can significantly reduce the loss at higher frequencies above the X 
band. The downside of sapphire is that it’s more brittle than Alumina due to its crys- 
talline structure. From an electrical point of view, quartz (fused silica) represents an 
excellent compromise as a microwave thin-film material, due to its fairly low dielec- 
tric constant (e r = 4) coupled with very low losses in suitably processed material. 
Unfortunately, quartz is a very fragile material and requires great care in its 
handling. 

Alumina substrate coated with nichrome and gold layers, having sheet dimen- 
sions of 2" X 2" X 0.015" thickness were utilized in the fabrication of the broadband 
amplifier circuits in Chapter 6. The physical properties of the Alumina substrate that 
was used are given in Table 7.2. 
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Table 7.2 Physical Properties of Alumina Substrate 
Dielectric constant at 1 MHz 9.8 ± 0.1 
Dissipation factor at 1 MHz 0.0001 
Loss factor at 1 MHz 0.001 

Thermal conductivity 34.7 W/m K 



7.3 Circuit Layout and Mask Generation 

The optimized MIC designs of the broadband feedback amplifier, traveling wave 
amplifier, and the CRTSSDA, described in Chapter 6, were transferred from their 
schematic circuit representation to the physical circuit layout using commercially 
available simulation tools. The physical circuit layout is used to generate a high- 
resolution chrome glass mask set, comprised of a dark field mask and a light field 
mask. The tolerances achievable on the glass masks are to within ±1 /am. The dark 
field mask is employed in the generation of the gold tracks and the light field mask 
enables the generation of the printed nichrome resistors. 

7.3.1 Fabrication of MICs 

The high-resolution chrome glass masks were employed in the processing of Alu- 
mina substrates using photolithography techniques. Photolithography or photo- 
etch, as it is often referred to, makes use of photographic techniques and 
photosensitive polymers. The photosensitive polymer is referred to as a photoresist 
that was applied as a thin layer to the thin-film circuit to be etched. The photoresist 
is then exposed with ultraviolet (UV) light through the chrome glass masks, and an 
image of the circuit pattern is formed through it. After developing the exposed pho- 
toresist, the desired pattern is created on the Alumina substrate. Because the photo- 
resist is resistant to most chemical etchants, areas of the thin-film, which were 
unprotected, are removed by the etchant, leaving the remainder of the film deline- 
ated by the photoresist pattern. Figure 7.19 shows the stages involved in the proc- 
essing of thin-film Alumina circuits. 

The procedure normally used in the processing of the thin-film Alumina sub- 
strates is as follows: 

• Metalized substrate comprised of nichrome and gold seed layers is baked at 
125°C for 30 min. 

• Substrate is prepared (clean substrate using trichloroethylene, acetone, or 
isopropanol) 

• Photoresist coating is applied by spinning the substrate at 4,000 revolutions 
per min (RPM) to achieve a thickness of 1.5 /am. 

• Coated substrate is allowed to air dry for 15 min and then baked at 90°C for 
2 min in a forced-air oven. 

• Substrate is exposed to UV light (UV ~ 300-nm wavelength) for 10 to 20 sec 
depending on lamp intensity using dark field mask M51. 
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7. Resist coats 

gold and 

nichrome layer, 

and board is exposed to 

light field mask 

M52 



8. All areas to be 
etched away apart 
from gold covered 
by resist and the 
required nichrome 
resistors 



5. Resist layer is 
removed to show 
plated gold and 
seed gold layer 
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9. Exposed 
nichrome layer is 
etched away 
leaving the required 
nichrome layer 
protected by resist 
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Figure 7.19 MIC processing of thin-film Alumina circuits. 



1 0. Resist is 
removed to 
show gold and 
nichrome resistor 



• Circuit tracks exposing seed gold layer is gold plated to a thickness of 5 to 
6/tm. 

• Gold is etched. 

• Substrate is immersed in developer and gently agitated for 1 min followed by a 
wash in deionized water and rinsed. 

• This is spun dry at 2,000 RPM. 

• Photoresist coating is applied by spinning the substrate at 4,000 RPM to 
achieve a thickness of 1.5 [A. m. 

• Coated substrate is allowed to air dry for 15 min and then baked at 90°C for 
2 minutes in a forced-air oven. 



TLFeBOOK 



7,3 Circuit Layout and Mask Generation 



193 



• Substrate is exposed to UV light for 10 to 20 sec depending on lamp intensity 
using light field mask M52. 

• Nichrome is etched. 

• Substrate is immersed in developer and gently agitated for 1 min followed by a 
wash in deionized water and rinsed. 

• This is spun dry at 2,000 RPM. 

• Then, this is post baked at 150°C to improve resist adhesion. 

If the exposure time is correct and the developer is reacting properly, the pho- 
tomask pattern should replicate the pattern on the substrate. The circuit pattern was 
realized using the pattern-plate process method. This method is an additive tech- 
nique and offers the following advantages over subtractive methods: 

• Precious gold metal is deposited only where it is required (i.e., contact pad 
areas and conductor lines). 

• Close dimensional tolerances are easily achieved. 

• Thick, narrow lines are possible, which would otherwise be unattainable 
using chemical etchants, and the cross-section of the line pattern is more 
nearly rectangular than trapezoidal, as illustrated in Figure 7.20, and more 
desirable for MIC. 

The processed substrates are lasered to provide circular and rectangular cut outs 
for the gold-plated mounting posts onto which chip components were mounted. Fig- 
ures 7.21 to 7.24 show drawings of the individual amplifier Alumina substrates. The 
2" X 2" X 0.015''-Alumina tiles were cut into individual substrates using a diamond 



Pattern-plate process Photoetch process 



P!3 



1 . Expose and develop 1 . Expose and develop 

g 



3. Strip resist and etch 

3. Strip resist 

Figure 7.20 Schematic compares pattern plating and photoetch processes. 
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6 mm 




Figure 7.21 Alumina substrate of the CRTSSDA circuit with a tapered output-match. 



6 mm 




Figure 7.22 Alumina substrate of the CRTSSDA circuit with 50-Q output. 



12 mm 
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Figure 7.24 Alumina substrate of the feedback amplifier circuit. 



saw. The completed circuits are comprised of high-definition thin-film gold tracks 
and high-tolerance printed nichrome resistors. The individual Alumina substrates 
and the mounting post were soldered using gold/tin solder in a belt furnace onto the 
gold-plated tungsten/copper amplifier housing. The chip components were manually 
placed onto the mounting posts and attached using silver-loaded conductive epoxy 
that is cured at 150°C for 1 hr. The attached components are then wire bonded using 
0.7-mil gold wire. Gold coils were also attached where necessary using nonconduc- 
tive epoxy. 



7.4 Fabrication of Test Carriers and Amplifier Housings 

The test carriers, amplifier housings, and test jigs were all designed using the 
AutoCad® package. The material selected for the fabrication of the test carriers and 
amplifier housings was copper-tungsten, because its coefficient of thermal ex- 
pansion is closely matched to the GaAs and the Alumina ceramic materials. 
Table 7.3 shows the material characteristics for copper-tungsten, GaAs, and 
Alumina [7]. 

The machined test carriers and amplifier housings are first nickel plated to a 
thickness of 3 to 5 ft m and then gold plated to a thickness of 5 /jm. The test carrier 
and test jig used is shown in Figures 7.25 and 7.26. The amplifier housings and the 



Table 7.3 Material Characteristics 

Material Thermal Conductivity (W/m°C) Coefficient of Thermal Expansion (PPM/°C) 

Alumina 17 6.7 

GaAs 54 6.5 

Copper-tungsten 180 6.5 to 8.3 
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Figure 7.25 Test carrier (dimensions in mm). 



0.3 

... 1 . 




test jigs that were used to test the amplifiers are shown in Figures 7.27 to 7.30. The 
test jigs were all fabricated from brass. 
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Figure 7.27 14-mm amplifier housing. 




Figure 7.28 14-mm amplifier housing test jig. 



Mounting holes 




Figure 7.29 20-mm amplifier housing. 




Figure 7.30 20-mm amplifier housing test jig. 
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8.1 Introduction 

Broadband amplifiers find application in EW, instrumentation, and fiber-optic 
communication systems. In the case of EW systems, the amplifiers are typically 
required to operate over a frequency range of 2 to 20 GHz. However, amplifiers for 
instrumentation and fiber-optic communication applications have to meet a more 
stringent requirement of operating over an ultrabroadband range extending from 
30 kHz to 40 GHz. In addition, they have to exhibit a flat gain and low input and 
output VSWR over the entire operating frequency range. 

The distributed amplifier provides a viable technique for realizing ultrawide- 
band amplifiers [1], They consist of artificial input and output lines that are con- 
structed with a series of transmission lines and the parasitic capacitances of the 
transistor, as described in Chapter 2. These lines have very high cut-off frequencies 
and cancel out the effects of parasitic capacitances associated with the active devices. 
Hence, these amplifiers inherently possess wideband characteristics. This technique, 
when used in conjunction with novel device technologies, can produce impressive 
wideband amplifiers for millimeter- wave applications up to 180 GHz [2, 3]. 

This chapter gives practical design examples and the measured performance of 
ultrabroadband and broadband amplifiers realized using the TWDA and CSSDA. 



8.2 Ultrabroadband Hybrid MIC Amplifier 

In this section, multioctave (30 kHz to 40 GHz) amplifier designs are presented 
using the concept of CRTSSDA and TWDA for optical application. 

A CRTSSDA and a traveling wave amplifier, each comprising of three active 
devices, were designed and implemented for multioctave performance using the 
methodology described in Chapter 6. The schematic circuit diagram of the 
CRTSSDA is shown in Figure 8.1. Figures 8.2 and 8.3 show the respective amplifier 
performance simulated across 30 kHz to 40 GHz. These results clearly show that 
the CRTSSDA offers considerably higher gain compared to the traveling wave 
amplifier using the same number of identical active devices. In fact, the TWDA 
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Figure 8.1 Three-stage CRTSSDA. 
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Figure 8.2 Transmission and return loss response of the CRTSSDA. 
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Figure 8.3 Transmission and return loss response of the TWDA. 
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would require a cascade of three stages to achieve a comparable gain to the 
CRTSSDA. Moreover, the current consumption by the CRTSSDA is 40 mA, 
whereas the comparable three-stage TWDA would require 120 mA, as thrice the 
number of active devices is used. Consequently, the three-stage TWDA would dissi- 
pate proportionately more power than the CRTSSDA. 



8.3 Ultrabroadband Hybrid Amplifier as Data Modulator Driver 

The transmission of digital data by fiber-optic link has found important applica- 
tions in high-capacity and long-distance communication systems. At present, the 
commercial high-speed fiber-optic communication systems operate at data rates of 
2.5 Gbps, 10 Gbps, 12.5 Gbps and 20 Gbps. This is made possible by the use of 
ultrawideband amplifiers as data modulator drivers in fiber-optic transmission sys- 
tems. Such digital optical systems require high-performance amplifiers that are 
power efficient, exhibit extremely flat group delay variations over the entire fre- 
quency band of operation extending from kilohertz to gigahertz to avoid data dis- 
tortion, and are relatively small. This section describes the design and development 
of a 30-kHz to 20-GHz data modulator driver amplifier that supports transmission 
of data rates from 2.5 Gbps to 20 Gbps. 



8.3.1 Driver Amplifier for Optical Transmitter 

The block diagram of a simple fiber-optic transmission system is shown in 
Figure 8.4. Here, the ultrawideband amplifier is used as a data driver in the trans- 
mitter chain. In particular, the data driver amplifier is used to modulate the base- 
band data onto the optical signal using the Lithium Niobate Mach-Zehnder phase 
modulator. To drive the phase modulator, the amplifier must be capable of produc- 
ing a pair of differential electrical voltages with a peak-to-peak amplitude in the 
range of ±3V to ± 4V, which corresponds to a saturated output power of 19.5 
dBm to 22 dBm, respectfully. 



Optical 

amplifier 







Ultrawideband 
receive amplifier 



Electrical 

output 



Figure 8.4 Fiber-optic digital transmission system. 
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8.3.2 Amplifier Requirements 

The main requirements for high-speed driver amplifiers are very broad instantane- 
ous bandwidth, constant gain response, very good phase linearity, constant output 
power response, detector outputs, and variable gain control. Table 8.1 gives the 
typical performance requirements. 

8.3.3 Amplifier Design 

The amplifier design implemented comprised of a cascade of three broadband 
TWDAs, as shown in Figure 8.5. The amplifier line up is selected to meet the 
required small-signal gain level and to ensure that the amplifier is maintained into 
saturation at the minimum input signal level. 

The MMIC amplifiers were used, as they offer the low-frequency extension 
(LFE) down to 30 kHz and gain control to allow the eye amplitude to be changed. 
Two detector circuits were employed to provide temperature-compensated dc out- 
put. The RF detector circuit was used to monitor the output voltage of the amplifier, 
and the reference detector circuit was used to minimize the temperature variation of 
the detector output. 

Figure 8.6 shows the simulation response of the three-stage amplifier without 
the inclusion of the low-frequency compensation (LFC) circuit. This figure shows 
that the gain rises sharply at low frequencies from about 2 GHz to 10 MHz. 
Fortunately, the TWDAs incorporate auxiliary gate and drain bonding pads that can 
be exploited to provide the LFE down to 30 kHz. The rising gain response at the low 
frequency end was reduced to make it flat by using additional LFC circuit on the 
drain connection of the first and last TWDA. Also, although the bias feed presented 
the necessary high impedance at the upper end of the amplifiers bandwidth, it was 
very crucial to provide high impedance at the lower frequencies, too. Otherwise, the 
amplifier’s performance may be compromised at the lower frequencies. This was cir- 
cumvented on the first and second TWDAs by biasing the drain through resistors 
and on the third TWDA by providing dc bias through a combination of low- and 
high-value inductors. The latter awkward biasing technique is necessary to minimize 
any voltage drop at the drain and therefore achieve the maximum peak-to-peak volt- 
age swing. Broadband dc block in the amplifier circuit was provided by using 
OPITICAPS®. Figure 8.7 shows simulation of the LFC compensated amplifier, and 
Figure 8.8 shows the completed RF and the integrated amplifier assembly. 



Table 8.1 Typical Performance Requirements for High-Speed Driver Amplifiers 

Frequency response 30 kHz-20 GHz 

Small-signal gain 23 to 1 8 dB 

Gain ripple 5 dB 

Peak-to-peak output voltage 8V (min) 

Eye crossing 45 % to 50 % 

Eye opening 80 % at 10 Gbps 
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V ds1 V ds2 




8.3.4 Amplifier Performance 

Figure 8.9 shows the measured small-signal performance of the amplifier. The 
measured performance correlates excellently with the simulated response in 
Figure 8.7. The optimized amplifier eye performance for maximum output voltage 
and 50% eye crossing at data rates of 2.5 Gbps, 10 Gbps, 12 Gbps, and 20 Gbps 
with an input signal level of 600 mV are shown in Figures 8.10-8.13. The typical 
current drawn by the amplifier was 500 mA at +11 -V supply and 5 mA at the -5-V 
supply. 
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Figure 8.7 Transmission and return loss response of the LFE compensated amplifier. 



Gain Detector 
+11 V control output 




control bias reference 

Figure 8.8 Amplifier assembly. 



These results demonstrate that the design and fabrication of a Lithium Niobate 
Mach-Zehnder modulator driver is capable of operating at data rates from 2.5 Gbps 
to 20 Gbps. 
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Figure 8.9 Amplifier's small-signal gain response. 




Figure 8.10 Output eye diagram at 2.5 Gbps. 



8.4 Broadband MMIC Distributed Amplifier 

In this section, it is shown that the CSSDA design, described in Chapter 2, is amena- 
ble to MMIC technology. A two-stage CSSDA has been fabricated using MMIC 
technology [4], The distributed amplifier occupies a chip size of 1.5 x 1 mm 2 and 
exhibited wide bandwidth, high gain, and flat group delay performance. 

The MMIC distributed amplifier was manufactured using GaAs-based PHEMT 
MMIC foundry process. The active device is a 0.2-/rm gate-length PHEMT with a 
unit current gain frequency (f T ) and a maximum oscillation frequency (f max ) of 
53 GHz and 80 GHz, respectively. The peak of transconductance and maximum 
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Figure 8.1 1 Output eye diagram at 1 0 Gbps. 
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Figure 8.12 Output eye diagram at 12 Gbps. 



current at peak transconductance are 220 mS/mm and 180 mA/mm, respectively. 
The passive components in the design include GaAs thin-film resistor, metal- 
insulator-metal (MIM) capacitor, inductor, and via hole through lOO-^m GaAs sub- 
strate. The entire chip is protected by silicon-nitride passivation for reliability. Fig- 
ure 8.14 shows the photograph of the fabricated MMIC chip. 

Figure 8.15 shows the measured gain and input/output return losses of the 
MMIC distributed amplifier. The amplifier provides a small-signal gain of 15 dB 
with flatness of 1 dB and input/output return loss better than 8 dB with total dc 
power consumption 100 mW in the frequency range of 0.5 to 27 GHz. The gain 
roll-off of this amplifier is very gradual, which is important for digital optical 
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Figure 8.1 3 Output eye diagram at 20 Gbps. 




Figure 8.14 Photograph of the MMIC distributed amplifier. (From: [4], © 2003 European 
Microwave Conference 




Figure 8.15 Measured small-signal gain and return loss of the MMIC amplifier. (From: [4], © 
2003 European Microwave Conference.) 
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communication applications, as the sharp gain roll-off often seen in distributed 
amplifiers leads to excessive group delay peaking and a deteriorated eye diagram. 
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A.1 Artificial Transmission Line 

The ideal artificial transmission line is associated with negligible attenuation and 
therefore is purely resistive. In practice, it may be realized for a specified frequency 
range using lumped element capacitors and inductors, as illustrated by the network 
in Figure A.l. Assuming that these components are lossless, this structure exhibits a 
lowpass filter characteristic with cut-off frequency f c . When the structure is correctly 
terminated in its characteristic impedance Z o , the line presents no attenuation at fre- 
quencies below f c . The characteristic impedance, however, in reality is frequency 
dependent, and for frequencies below f c it is resistive yet at other frequencies it 
becomes reactive. Furthermore, any signal traveling through such an artificial trans- 
mission line suffers a phase delay and distortion. 



Ladder network is an artificial transmission line composed of complex lumped 
series and shunt impedances Z 1 and Z 2 , respectively. The ladder network is illus- 
trated in Figure A. 2 



A.2 Ladder Network 



L/2 



L 



L 



L/2 




Figure A.l Artificial transmission line. 
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Z1 Z1 Z1 Z1 




Figure A.2 The ladder network. 



L-section 

A B C D 




A B C D 



T-section jr-section 

Figure A.3 Ladder network sections. 



Ladder network can be considered to be constructed from cascading a combina- 
tion of T-sections, jr-sections, and L-sections, as illustrated in Figure A.3. The behav- 
ior of the ladder network can be determined by analyzing these types of sections. 

Imagine a section to be taken from this network by cutting along lines AA and 
BB in Figure A.3. The result is the T-section shown in Figure A.4, and the ladder net- 
work could be built up simply by cascading a large number of such T-sections. 

Now image a section to be taken by cutting along lines CC and DD. The result is 
the jr-section shown in Figure A.5, and again the ladder network could be built up by 
cascading a series of jr-sections. 

Similarly, cutting a section at BB and CC will result in an L-section, as shown in 
Figure A .6. The ladder network can be considered constructed from a series of 
L-sections. 
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Zi/2 




Figure A.6 The L-section network. 



A.3 Characteristic Impedance Z 0 

The characteristic impedance is a particular load impedance that, when connected 
across the output terminal of a two-port network, makes the input impedance 
exactly equal to the load impedance. The characteristic impedance given by [1] 

Z Q =^Z oc Z sc (A.l) 

where Z sc and Z oc are the short- and open-circuit impedance, respectively. Z sc is the 
impedance at the input terminal when the output terminal is short circuited, and Z oc 
is the input impedance when the output is open circuited. 

It can be shown that when a chain of cascaded identical sections in a network 
are terminated at both ends in its characteristic impedance, every individual section 
in the chain is also terminated at both ends in their characteristic impedances, as 
illustrated in Figure A. 7. 





Figure A.7 Chain of cascaded networks terminated by their characteristic impedances. 
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A.4 T-Section 

The input impedance of the open-circuit T-section Z OCT , shown in Figure A. 8, is 
given by 



Z OCT =Z 1 /2 + Z 2 (A.2) 

Under short-circuit condition, the input impedance of the T-section Z SCT is given 
by 

Z SCT = Z, /2 + (Z,Z 2 /2)/[(Z, /2) + Z 2 ] (A.3) 

Hence, the characteristic impedance Z 0 of the T-section is then obtained by sub- 
stituting (A.2) and (A.3) into (A.l). That is, 

Z OT = A /[Z 1 Z 2 (l + Z t /4Z 2 )] (A.4) 



A.5 jr-Section 



The input impedance of an open-circuit and short-circuit 7t-section, shown in 
Figure A. 9, are given by 



Z DOr = [2Z 2 (Zj +2Z 2 )]/(Zj + 4Z 2 ) (A.5) 



Z SOr =2Z 1 Z 2 /(Z 1 +2Z 2 ) 



(A.6) 



Z in - Z OCT 




(a) 



Z in = Z SCT 




(b) 

Figure A.8 T- section: (a) open circuit, and (b) short circuit. 
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Z in= Z OGr 



Z OOr 



(a) 



Z in = Z CSji 2Z 2 

o 

(b) 

Figure A.9 jr-section: (a) open circuit, and (b) short circuit. 




The corresponding characteristic impedance Z D of the jr-section is then obtained 
by substituting (A.5) and (A.6) into (A.l). That is, 

Z Qn = ^Z l Z 2 /[l + (Zj /4Z 2 )] (A.7) 



A.6 L-Section 

Figure A. 10 shows two L-sections out from a ladder network whose series and 
shunt impedances are Z x /2 and 2Z 2 , respectively. If end AA in Figure A.10(a) is ter- 
minated with an impedance equal to the characteristic impedance of the T-section, 
then the input impedance is given by 

Z in = 2Z 2 (Z ot + Z, /2)/(2Z 2 + Z OT + Z, / 2) (A.8) 

Multiplying the numerator and denominator of (A.8) by Z/2, gives 

Z,„ = Z, Z 2 (Z OT + Z, /2)/[Zj Z 2 (1 + Z, /4Z 2 ) + Z, Z OT /2] (A.9) 

The term ZjZ 2 (l+Zj/4Z 2 ) in the denominator can be substituted by Z OT 2 from 
(A.4). Thus, 

Z. n = Z, Z 2 (Z OT + Z, /2)/z ot (Z OT + Z, /2) = ^Z, Z 2 /(l + Z, /4Z 2 ) (A.10) 
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A B 

(b) Z in = Z OT 

Figure A.10 L-section network. 



This equation corresponds to the characteristic impedance of the 7t-section given 
by (A.7). Similarly, it can be shown that if end BB is terminated by Z Qn , as in Figure 
A.10(b), then the input impedance is equal to Z OT . These two impedances, Z 0jt and 
Z OT , are the image impedances of the L-section. 
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2-DEG 

ac 

AM 

CAD 

C/I 

CSSDA 

CRTSSDA 

dc 

DPHEMT 

EW 

FET 

InGaAs 

InALAs 

HEMT 

HJ-FET 

IF 

IMD 

JFET 

LFC 

LO 

LFE 

MBE 

MESFET 

MIC 



Two-dimensional electron gas 
Alternating current 
Amplitude modulation 
Computer-aided design 

Carrier-to-third order intermodulation product ratio 
Cascaded single-stage distributed amplifier 
Cascaded reactively terminated single-stage amplifier 
Direct current 

Double-heteroj unction pseudomorphic high-electron-mobility 

transistor 

Electronic warfare 

Field effect transistor 

Indium gallium arsenide 

Indium aluminum arsenide 

High-electron mobility transistor 

Heteroj unction field effect transistor 

Intermediate frequency 

Intermodulation distortion 

Junction field-effect transistor 

Low-frequency compensation 

Local oscillator 

Low-frequency extension 

Molecular-beam-epitaxy 

Metal-semiconductor field effect transistor 

Microwave integrated circuit 
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MIM 


Metal-insulator-metal 


MMIC 


Monolithic microwave integrated circuit 


MOS 


Metal-oxide-semiconductor 


NF 


Noise figure 


PCB 


Printed circuit board 


PHEMT 


Pseudomorphic high-electron-mobility transistor 


PM 


Phase modulation 


RF 


Radio frequency 


RPM 


Revolutions per minute 


SPHEMT 


Single-heterojunction pseudomorphic high-electron-mobility transistor 


SSTWA 

TEM 


Single-stage traveling wave amplifier 
Transverse electromagnetic 


TRL 


Thru reflect line 


TWDA 


Traveling wave distributed amplifier 


UY 


Ultraviolet 


VSWR 


Voltage standing wave ratio 
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A d Drain-line attenuation 

A g Gate-line attenuation 

C Capacitor 

c Velocity of light in free space, which is 2.998 

C a , C b , C c Fringing capacitance 
C ds Drain-source capacitance 

Drain-source package capacitance 
C fh Feedback capacitor 

C gd Gate-drain capacitance 

C gdp Gate-drain package capacitance 

C gs Gate-source capacitance 

C gsp Gate-source package capacitance 

dB Decibel 

f max Maximum frequency of oscillation 

f t Maximum cut-off frequency 

f T Unity current gain frequency 

G Gain 

GaAs Gallium arsenide 

G crtssda Available power gain of the CRTSSDA 

GHz Gigahertz 

g m Transconductance 

h d Depletion-layer depth 

1 a Drain-source current 

1^ Drain-source saturated current 

I. Maximum drain-source saturated current 



10 s m/s 
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K Stability factor 

KHz Kilohertz 

L Inductor 

L d Drain inductance 

L fli Feedback inductor 

L g Gate inductance 

l g Gate length 

L s Source inductance 

MHz Megahertz 

P dc dc power consumption 

P o Output power 

R Resistor 

R d Drain resistance 

R h Drain-source resistance 

Rp Feedback resistor 

R g Gate resistance 

R Gate-source resistance 

R s Source resistance 

S n (dB) Input return loss 

S 12 (dB) Reverse transmission (isolation) 

5 21 (dB) Forward transmission (gain or insertion loss) 

5 22 (dB) Output return loss 

V gdB Gate-drain breakdown voltage 

Drain-source voltage 
V Gate-source voltage 

V k Knee voltage 

V p Pinch-off voltage 

V, Forward gate-source voltage 

Z Impedance 

Z o Characteristic impedance 

Z oi Drain characteristic impedance 

Z og Gate characteristic impedance 



TLFeBOOK 



List of Symbols 



219 



Z Optimum load impedance 

/? Phase constant 

d Skin depth 

s 4f Effective dielectric constant 

£ r Dielectric constant 

e s Semiconductor dielectric constant 

X Wavelength in free space 

X g Guide wavelength 

fi Permeability of air 

a Conductivity 

r Electrical delay 

v sat Saturated carrier velocity 

(o c Cut-off angular frequency 
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(5-network, 211, 212-13 
input impedance, 212 
open circuit, 213 
short circuit, 213 
See also Ladder network 



Active frequency multipliers 
basic diagram, 44 
design, 43 
TWDA, 43—44 

Active impedance transformers 
basic diagram, 46 
TWDA, 45, 46 
Active mixers 

basic diagram, 45 
implementation with MMIC, 44 
TWDA, 44-45 
ADS, 119 

Alumina substrates, 190-91 

of CRTSSDA with 50-U output, 194 
of CRTSSDA with tapered output-matching 
circuit, 194 

of feedback amplifier, 195 
MIC processing, 192 
thin-film, processing, 191-93 
of traveling wave amplifier, 194 
Amplifier housings, 195 
fabrication of, 195-97 
illustrated, 197 
test jigs, 197 
Amplifiers, 1-14 

available power gain, 32 

broadband, 3-14, 119-75, 177-97, 205 

class A, 103-9 

class AB, 113-16 

class B, 109-13 

class of operation, 103-16 

CSSDAs, 10-14, 27-41 

distributed, 17-49, 205-8 

feedback, 9, 130-42 



lossy matched, 8-10 
microwave, historical perspective, 1-3 
overview, 1-14 
power-added efficiency, 32 
power-distributed, 47-48 
TWDAs, 5-8, 123-30 
ultrabroadband hybrid MIC, 199-205 
Amplitude modulation (AM), 97 
Analytical models, 93 
Artificial transmission line 

characteristic impedance, 211 
ideal, 209 

ladder network, 209-11 
theory, 209-14 

B 

Bond- wire inductance, 187-89 
gate/drain, 188 
single/double, 188, 189 
Broadband amplifiers, 3-14 
CSSDAs, 10-14 
design of, 119-75 
fabrication, 177-97 
feedback, 9, 130-42 
feedback current-sharing, 167-75 
high-dynamic-range, 162-67 
MMIC distributed, 205-8 
multistage, 120-21 
reactively matched, 4-5 
review, 3-14 
TWDAs, 5-8 
See also Amplifiers 
Broadband chip capacitors, 182-85 
Broadband RF chokes, 185-87 

C 

Calibration 
basis of, 64-65 
fixture/pieces, 66 
in-fixture, 65 
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Calibration (continued) 
standards, 65-68 
TRL procedure, 65 
two-port, 65 
Capacitors 
chip, 182-85 
gate, 47 
MIM, 206 
series, 7 

shunt-mounted, 181, 182 
Cascaded reactively terminated single-stage 
distributed amplifiers (CRTSSDAs), 
xi, 142-62 
active devices, 143 
Alumina substrate, 194 
concept, 119 
configuration, 142 
defined, 142 

equivalent circuit diagram, 143 
gain response, 143, 144 
illustrated, 143 
integrated, 120 

matched for optimum output power and 
efficiency, 146 
measured results, 158-62 
output stage, 148 
power, design, 154-56 
power-added efficiency, 145 
three-stage, 150-53, 200 
transmission and return loss response, 200 
Cascaded single-stage distributed amplifiers 
(CSSDAs), xi, 27—41 
advantages, 40 
available power gain, 40 
characteristic features, 38-41 
component tolerances sensitivity, 40 
configuration, 12 
cost, 40 
defined, 12 
design, 13 

disadvantages, 40-41 
ease of matching, 40 
hybrid prototypes, 14 
illustrated, 28, 33 
implementation, 40 

interstage characteristic impedance analysis, 
32-33, 34 
lossless, 28-33 
lossy, 36-38 

measured performance, 13 
«-stage, 28 



optical driver, 48, 49 
optical receiver, 48-49 
oscillator, 48 
output current, 33-35 
output voltage, 35-36 
potential applications, 48-49 
stability issue, 13 
two-stage, 29-33 
Cell clusters, 5 
Ceramic materials, 190 
Characteristic impedance, 211 
Chip capacitors, 182-85 
blocking, 182 

equivalent circuit model, 183 
measured response, 184 
microwave, 182 
Circulators 
diagram, 43 
TWDA, 42-43 
Class A amplifiers, 103-9 
defined, 103 

maximum gate voltage swings, 112 
power-added efficiency, 107, 108 
waveform, 104 
See also Amplifiers 
Class AB amplifiers, 113-16 
average drain line current, 115 
average power, 115 
conduction angle, 115 
defined, 114 
efficiency, 115 

transconductance variation, 116 
waveform, 114 
See also Amplifiers 
Class B amplifiers, 109-13 
defined, 109 

fundamental component efficiency, 110 
maximum gate voltage swings, 112 
optimum efficiency, 109 
output power, 111 
output waveform, 110 
power-added efficiency, 113 
waveform, 109 
See also Amplifiers 
Cluster cell matching, 5 
Cold component values extraction, 83-85 
Crystalline materials, 190 
Curtice-Ettenberg model, 95 
defined, 95 
illustrated, 98 

IMD simulation accuracy, 95 



TLFeBOOK 



Index 



225 



See also Large-signal device modeling 
Curtice Quadratic model, 94-95 
defined, 94 
illustrated, 98 

IMD underestimation, 94-95 
See also Large-signal device modeling 
Cut-off frequency 
maximum, 19 

of two transmission lines, 23 



Dc biasing, 189 

with RF chokes, 185-87 
with self-bias mode, 189 
Describing function, 92 
Device characterization, 63-81 
calibration basis, 64-65 
calibration standards, 65-68 
microstrip test fixture, 65-68 
pulsed dc I-V measurements, 74-81 
small-signal measurements, 68-74 
test setup, 64 

Distributed amplifiers, 17-49 
applications, 41-48 
dual-fed, 8 
FET, 25 

gain, as function of number of stages, 25 
with gate capacitors, 47 
MESFET, 2 
MMIC, 205-8 

principles/applications of, 17-61 
single-ended dual-fed, 11 
See also Cascaded reactively terminated 
single-stage distributed amplifiers 
(CRTSSDAs); Cascaded single-stage 
distributed amplifiers (CSSDAs); 
Traveling wave distributed amplifiers 
(TWDAs) 

DPHEMT devices, 58-61 
defined, 58 

drain-source current vs. drain-source 
voltage, 59 

dual 2-DEG layers, 58 
I-V characteristics, 61 
large-power, 59 
output power, 58 
performance comparison, 56, 59 
transconductance, 108 
See also HEMT devices 
Drain inductance, 135 



Electronic warfare (EW), xi 
Empirical models, 93 



Fabrication 

amplifier housings, 195-97 
bond- wire inductance, 187-89 
broadband amplifiers, 177-97 
broadband chip capacitors, 182-85 
broadband RF chokes, 185-87 
circuit layout, 191-95 
dc biasing, 189 

feedback current-sharing amplifiers, 169-70 
HEMT device, 55 

high-dynamic-range broadband amplifiers, 
166-67 
MICs, 191-95 
mounting posts, 180-82 
practical design considerations, 177-91 
procedure illustration, 178 
skin-depth effect, 179 
substrate material, 190-91 
test carriers, 195-97 
thin-film resistors, 179-80 
three-stage feedback amplifiers, 140 
TWDAs, 128 

Feedback amplifiers, 130-42 
admittance matrix, 133 
advantages/disadvantages, 9 
Alumina substrate, 195 
configuration, 9 
design, 136-39 
fabrication, 140 
measured response, 140-42 
negative, 130 
principles, 130-36 
single-stage circuit, 133 
three-stage, 136-42 
See also Broadband amplifiers 

Feedback current-sharing amplifiers, 167-75 
balanced circuit, 170 
concept, 168, 169 
design, 167-69 
fabricated, photo, 171 
fabrication, 169-70 
layout, 170, 171 
measured results, 170-75 
output power response, 172, 173 
power-added efficiency, 174 
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Feedback current-sharing amplifiers 
(continued) 

self-bias mode, 168, 169, 172 
small-signal response, 172, 173, 174 
two-stage, layout, 170 
two-stage circuit, 169 
Feedback inductance, 135 
Fiber-optic digital transmission system, 201 
Field effect transistors (FETs), xi 
equivalent circuit, 133 
GaAs, 2 

gain, maximization, 3 
hetero junction, 17-19 
negative feedback circuit model, 134 
with Wilkinson divider, 6 
Fourier expansion, 103, 105, 109, 110 

G 

GaAs FETs, 2, 6 
GaAs MESFETs, 5, 51-54 
cross-sectional view, 52 
device performance comparison, 56 
drain-source current vs. drain-source 
voltage, 53 

gate-source capacitance, 52 
gatewidth, 52 
HEMT vs., 56 
load-line analysis, 53 
optimization, 53 
scaling, 54 

series capacitors with, 7 
transconductance, 108 
Gain 

available, CSSDA, 40 
available, in TWDA, 21-26 
CRTSSDA, 143, 144 
flattening, 135 
forward available, 23 
as function of number of amplifier stages, 
25 

maximum forward, 26 
reverse available, 26 
simulated, 136 
See also Small-signal gain 
Gate-line attenuation factor, 24, 25 

H 

Harmonic-balance analysis, 92, 93 
HEMT devices, 54-61 

conduction-band discontinuity, 55 



cross-sectional view, 55 
DPHEMT, 58-61 
fabrication, 55 

high-frequency performance, 54 
MESFET vs., 56 
performance comparison, 56 
SPHEMT, 56-57 
transconductance, 55, 56 
Heterojunction FETs (HJ-FETs), 17-19 
equivalent circuit parameters, 19 
nonunilateral model, 1 8 
packaged, 18 
unilateral model, 17 

High-dynamic-range broadband amplifiers, 
162-67 

assembly drawing, 166 
bias, 167 

circuit diagram, 164 
design, 162-66 
fabrication, 166-67 
low noise resistive feedback amplifier, 
164, 165 

measured response, 167 
output intercept performance, 166 
output power, 166 
photo, 167 

small-signal response, 165 
third-order output intercept performance, 
166 

See also Broadband amplifiers 
Hot component values extraction, 85-86 



Interstage characteristic impedance 
analysis, 32-33 
illustrated, 34 
performance, 34 



Ladder network, 209-1 1 
defined, 209 
illustrated, 210 
L-section, 211, 213-14 
5-section, 211, 212-13 
sections, 210 
T-section, 210 

See also Artificial transmission line 
Large-signal device modeling, 90-100 
components, 99 
Curtice-Ettenberg, 95 
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Curtice Quadratic, 94-95 
methods, 93 

modeled/measured results, 98-100 
model types, 93 
at nominal operating bias, 91 
nonlinear analysis techniques, 91-92 
procedure illustration, 94 
Statz, 95-97 
techniques, 93-97 
TOM, 97 
See also Modeling 
Left-hand drain load, 26 
Light field mask, 193 
Load lines 
analysis, 121 
nonoptimum, 122 
optimum, 122 

output response, 128, 139, 150, 156 
RF, 122 

three-stage feedback amplifier response, 139 
Load resistors, 106 
Lossless CSSDA, 28-33 

available power gain, 29-32 
first stage schematic diagram, 30 
interstage characteristic impedance analysis, 
32-33, 34 

last stage diagram, 31 
NF, 29 

return losses, 29 

second stage schematic diagram, 30 
Lossy CSSDA, 36-38 

feedback gate-drain capacitance effect, 38 
input gate-source resistance effect, 37 
output drain-source resistance effect, 38 
See also Cascaded single-stage distributed 
amplifiers (CSSDAs) 

Lossy matched amplifiers, 8-10 
configuration, 10 
resistors, 10 

Low-frequency compensation (LFC) circuit, 

202 

LP6836 

calculated/optimized component values, 88 
CRTSSDA with, 147 
measured cold S, , and S 22 , 75 
measured hot S n and S 22 , 72 
measured hot S 21 , 72 
pulsed dc I-V measurements, 78 
static dc I-V measurements, 80 
LP6872 

assembled test carrier, 68 



calculated/optimized component values, 88 
measured cold S n and S 22 , 76 
measured hot S n and S 22 , 73 
measured hot S 21 , 73 
pulsed dc I-V measurements, 79 
static dc I-V measurements, 81 
LPD200 

calculated and optimized component values, 
87 

measured cold S n and S 22 , 75 
measured hot S„ and S 22 , 71 
measured hot S 21 , 71 

measured/modeled I-V characteristics, 99, 

100 

pulsed dc I-V measurements, 77 
static dc I-V measurements, 80 
LPS200 

calculated/optimized component values, 87 
measured cold S„ and S 22 , 74 
measured hot S u and S 22 , 70 
measured hot S 21 , 70 
measured/modeled S u and S 22 , 89 
measured/modeled S 21 , 89 
noise and small-signal gain modeling, 90 
optimized small-signal model, 90 
L-section network, 211, 213-14 
illustrated, 214 
image impedances, 214 
See also Ladder network 

M 

Materials-related device performance, 56 
Maximum cut-off frequency, 19 
MESFETs. See GaAs MESFETs 
Metal-insulator-metal (MIM) capacitor, 206 
Microstrip test fixture, 65-68 
Microwave integrated circuits (MICs), xi 
fabrication of, 191-95 
monolithic (MMICs), xi, 2-3 
processing of thin-film Alumina circuits, 

192 

Microwave Office, 119 
MMIC distributed amplifiers, 205-8 
chip photograph, 206, 207 
defined, 205 

input/output return losses, 206, 207 
manufacture, 205 
Modeling, 81-100 

large-signal device, 90-100 
small-signal device, 81-90 
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Molecular-beam-epitaxy (MBE), 54 
Monolithic microwave integrated circuits 
(MMICs), xi 

Monolithic microwave integrated circuits 
(continuted) 

GaAs, 2 
role, 2-3 

See also MMIC distributed amplifiers 
Mounting posts, 180-82 
circular, 180 
rectangular, 180 
size calculation, 180 
Multidecade oscillators, 45-47 
basic diagram, 46 
TWDA, 45^17 

N 

Noise figure (NF), 29, 39 
Nonlinear analysis, 91-92 
Nonlinear elements, 91 
N-stage CSSDAs, 28 
first stage schematic, 30 
last stage schematic, 31 
output current, 34-35 
second stage schematic, 30 
See also Cascaded single-stage distributed 
amplifiers (CSSDAs) 

Numerical models, 93 

O 

Optical drivers 
CSSDA, 48, 49 
diagram, 49 
Optical receivers 
CSSDA, 48-49 
schematic diagram, 49 
OPTICAPS, 202 
Organization, this book, xii-xiv 
Oscillators 
CSSDA, 48 
multidecade, 45-47 
schematic diagram, 48 
Output eye diagrams, 206-7 

P 

Pattern plating process, 193 
Pattern up plating, 179 
Percival, W.S., 1, 2 
Phase modulation (PM), 97 
PHEMT, 57 



Photoetch process, 193 
Power-added efficiency, 32, 107, 121-23 
class A amplifiers, 107, 108 
class B amplifiers, 113 
CRTSSDA, 145 

feedback current-sharing amplifier, 174 
knee voltage vs., 108, 113 
maximizing, 122 

three-stage feedback amplifier, 141, 142 
three-stage high-gain CRTSSDA, 160, 161, 
162, 163 

three-stage SSTWA, 132 
Power combiners 
diagram, 41 
TWDA, 41-42 

Power-distributed amplifiers, 47-48 
Pulsed dc I-V measurements, 63, 74-81 
of LP6836, 78 
of LP6872, 79 
of LPD200, 77 
performance, 74 
setup, 76 

See also Static dc I-V measurements 

R 

Reactively matched amplifiers, 4-5 
Real-frequency technique, 121 
Reference detector circuits, 202 
Resistor, inductor, capacitor (RLC) circuits, 
177 

Resistors 
load, 106 

lossy matched amplifiers, 10 
nichrome, 180 
realization of, 179 
source, 189 
thin-film, 179-80 
RF chokes, 185-87 

coil inductance values, 185 
fabricated, 186 
measured response, 186, 187 
use of, 185 

RF detector circuit, 202 
RF load lines, 122 

S 

Self-bias circuit, 189 
Semiempirical models, 93 
Series capacitors, 7 
Shunt-mounted capacitors 
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measured response, 182 
schematic diagram, 181 
simulated response, 181 
test carrier with, 181 
See also Capacitors 

Single-ended dual-fed distributed amplifiers, 11 
Single-stage traveling wave amplifiers 
(SSTWAs), 123 
assembly, 129 
assembly drawing, 128 
cascading, 126 
circuit schematic, 124 
designs, 123, 124 
fabricated circuit, 130 
measured small-signal gain response, 131 
mounting, 128 

optimized small-signal gain simulations, 

125 

stability factor, 126 
three-stage, 127, 128 
Skin-depth effect, 179 
Small-signal device modeling, 81-90 

calculated/optimized component values, 
87-88 
cold, 83 

cold component values, 83-85 
extracted component values, 86 
extraction procedure principle, 82-83 
hot, 85 

hot component values extraction, 85-86 
LPS200, 90 

procedure illustration, 82 
See also Modeling 
Small-signal gain 

input gate inductance, 125 
output drain inductance, 126 
simulation of SSTWA, 125 
SSTWA measured response, 131 
three-stage CRTSSDA, 144 
three-stage SSTWA measured response, 131 
See also Gain 
Softboard, 190 
S-parameters, 63, 133 

cold measurements, 63, 74 
hot measurements, 63, 70 
principles, 64 
SPHEMT devices, 56-58 
modification, 58 
performance comparison, 56, 59 
structure, 57 

Split-block design approach, 65 



Splitters 

diagram, 41 
TWDA, 42 

two-way distributed, 42 
Static dc I-V measurements, 76 
LP6836, 80 
LP6872, 81 
LPD200, 80 

See also Pulsed dc I-V measurements 
Statz model, 95-97 
defined, 95 

Schottky barrier junction capacitances, 96 
See also Large-signal device modeling 
Substrate material, 190-91 



Test carriers, 195 

fabrication of, 195-96 
illustrated, 195 
Test jigs, 195 

amplifier housing, 197 
for carrier, 196 
Thin-film resistors, 179-80 
Thin-film techniques, 190 
Three-stage CRTSSDAs 
assembly drawing, 158 
circuit elements, 150-51 
high-gain, 156 
high-gain, fabricated, 159 
illustrated, 200 

input/output return loss response, 146, 149 

with LP6836, 147 

optimized, schematic diagram, 148 

optimized transmission, 149 

output load line response, 150 

return loss response, 145 

small-signal gain, 144 

small-signal response, 151, 152, 153 

small-signal transmission, 146 

stability factor, 149 

See also Cascaded reactively Terminated 
single-stage distributed amplifiers 
(CRTSSDAs) 

Three-stage feedback amplifiers, 136-42 
assembly drawings, 140 
design, 136-39 
fabrication, 140 

feedback resistor magnitude, 136 
input return loss, 139 
measured response, 140-42 
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Three-stage feedback amplifiers (continued) 
measured small-signal response, 141 
optimized gain, 139 
output load line response, 139 
output power, 141, 142 
output return loss, 139 
power-added efficiency, 141, 142 
schematic diagram, 138 
See also Feedback amplifiers 
Three-stage power CRTSSDAs 
design of, 154-56 
drawing assembly, 158 
fabricated, 159 

input/output return loss response, 155 
measured output power, 160 
measured small-signal response, 160, 161 
output load line response, 156 
power-added efficiency, 160, 162, 163 
small-signal response, 157 
stability factor, 155 

See also Cascaded reactively terminated 
single-stage distributed amplifiers 
(CRTSSDAs) 

Three-stage SSTWAs 
assembly, 129 
assembly drawing, 128 
fabricated circuit, 130 
measured small-signal response, 131 
mounting, 128 
output power, 132 
power-added efficiency, 132 
realization, 128 
return loss response, 127 
schematic diagram, 127 
simulated output load line response, 128 
small-signal response, 129 
small-signal transmission, 127 
See also Single-stage traveling wave 
amplifiers (SSTWAs) 

Three-stage TWDA amplifier, 203 
Thru-reflect-line (TRL), 64 
calibration procedure, 65 
in two-port calibration, 65 
Time-domain analysis, 92 
TOM model, 97 

Traveling wave distributed amplifiers 
(TWDAs), xi, 5-8 

active frequency multiplier, 43-44 
active impedance transformer, 45, 46 



active mixer, 44-45 
advantages, 26-27 
Alumina substrate of, 194 
applications, 41-48 
artificial transmission lines, 20 
available gain, 21-26 
circulator, 42-43 
configuration, 6 
conventional, 20-27 
design, 123-30 
disadvantages, 27 
equivalent circuit, 21 
fabrication, 128 
measured response, 128-30 
multidecade oscillator, 45-47 
power combiner, 41-42 
power-distributed amplifier, 47—48 
schematic diagram, 20 
splitter, 42 
three-stage, 203 

transmission and return loss response, 200 
ultra, 8 

T-section network, 210, 212 

Two-dimensional electron gas (2-DEG), 54, 58 

Two-stage CSSDAs, 29-33 
equivalent circuit diagram, 33 
feedback gate-drain capacitance effect on, 
39 

input drain-source resistance effect on, 38 
input gate-source resistance effect on, 37 
noise figure, 39 

with nonunilateral HJ-FET, 36 
output current performance, 35 
output return loss, 39 
output voltages performance, 36 
reverse gain, 39 

See also Cascaded single-stage distributed 
amplifiers (CSSDAs) 



Ultrabroadband hybrid MIC amplifiers, 
199-201 
assembly, 204 

as data modulator driver, 201-5 
design, 202-3 

driver amplifier for optical transmitter, 201 
performance, 203-5 
requirements, 202 



TLFeBOOK 



Index 



231 



V 



Y 



Volterra series, 92 



Y-parameters, 86 



W 



z 



Wilkinson divider, 



Z-parameters, 84 
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